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Empirical Outlook
This Way to the Great Ingress

P. T. Barnum might have thought he
could do it better; but now, ours is the
“greatest show on Earth.” The world’s
biggest hamfest (Dayton) hosts the
2005 ARRL National Convention, in
its most outstanding incarnation yet.
Here’s why.

You can meet ARRL staff and vol-
unteers, including as our new COO
and Publisher, Harold Kramer,
WJ1B.There’ll be a special ARRL area,
where you can chat with writers and
editors of our publications, start or re-
new your ARRL membership and get
free gifts.

The Dayton Amateur Radio Asso-
ciation will conduct Amateur Radio
license examinations. Visit www.
arquillalabs.com/license.html or
e-mail Terri Ruwe, AK8T, at ak8t@
arquillalabs.com for more informa-
tion or to make an appointment. The
National Association of Radio and
Telecommunications Engineers will
conduct commercial license exams.
Information and registration are avail-
able at www.narte.org.

Don’t miss the outstanding forums.
Among the technical gems are the Kit
Building Forum, with Joe Eisenberg,
KØNEB, and a Broadband-over-Power-
Line (BPL) Forum with David Yoder.
Stick around for Sunday morning’s
Technology Task Force Forum, too, be-
cause you’ll hear and see Joe Taylor,
K1JT, discuss his JT65 digital protocol
for weak-signal work. One of today’s
most engaging speakers reveals the
rationale behind his invention, which
offers robust performance over disper-
sive paths. We’ll also have an update
on adaptive DSP techniques for beam-
forming, digital voice and other areas
in communications.

Point your Web browser to www.
hamvention.org for other details.
Don’t forget to bring your raincoat—
see you there!

We’re pleased to report many out-
standing technical articles waiting just
offstage here at QEX. Many concern a
perennially popular topic: antennas. Al
Christman, K3LC, sent us a study of ra-
dial ground systems, for which he plans
to write a second part. Former QEX Edi-
tor Rudy Severns, N6LF, promises an
article on measuring properties of the
earth beneath your antenna. Why guess
when you can measure? L. B. Cebik,
W4RNL, will continue enlightening us
about particularly interesting designs
and modeling software. Ron Skelton,
W6WO, will describe an antenna that

puts you on 40 m without consuming all
your acreage.

Plenty of circuit-design articles are
coming your way, too. In the battle
against receiver noise, you’ll find
K1MC, Mal Crawford’s variable-
frequency oscillator design at the front
lines. Rod Brink, KQ6F, will address
noise-related and other performance
issues of his new direct-conversion
architecture. Fred Brown, W6HPH,
will show us how to build his home-
brew noise-figure meter.

The challenges of receiver testing re-
main on the front burner. As technology
rapidly advances, so must our testing
methods advance. Comparisons between
old and new must account for those
advancements. To wit, Ulrich Rohde,
N1UL, will expound the nuances of
modern receiver testing, in general.

Those articles are but a few that you
can expect in the coming months.
Thanks to all writers for your support
of QEX. We’re counting on you!

In This Issue
Roger Hayward, KA7EXM, brings us

an accurate power meter using an
Analog Devices AD8307 logarithmic
amplifier and a PIC 18F452 microcon-
troller. It’s a neat addition to your
shack that’s available in kit form.
J. V. Evans, N3HBX, delivers a new
approach to 40-m Yagi design.

John Stephensen, KD6OZH, returns
with a multiple-output power supply
design. Single-supply circuits may be
elegant, but power-supply techno-
logy increasingly diminishes the need
for them. Our broadcast engineer-
ing friends from Argentina, Tino
Trainotti, LU1ACM, and Luis Dorado,
wrote recently about top-loaded vertical
antennas. We reproduce their work
here with the gracious permission of
Jacqueline Hansson and IEEE.

Frank Witt, AI1H, delivers improved
methods for measuring cable loss.
Maynard Wright, W6PAP, covers a piece
of free software, GNU Octave, that cuts
the time required for certain design cal-
culations. Bob Kavanagh, VE3OSZ, pre-
sents an outboard PLL processor that
helps receivers lacking DSP to dig CW
signals out of the noise. Further along
the processing vein, Dan Doberstein de-
scribes the SA605 and 615 IF processor
ICs and their applications.

In “Tech Notes,” Ron Skelton,
W6WO, takes a look at evaluating
speech quality objectively—73, Doug
Smith, KF6DX, kf6dx@arrl.org.
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13405 SW Juanita Pl
Beaverton, OR 97008
ka7exm@arrl.net

A PIC-based
HF/VHF Power Meter

By Roger Hayward, KA7EXM

Add an LCD display and a versatile PIC-Programmed
CPU to this popular log amp for 80 dB of

calibrated resolution on your bench.

Introduction
A variety of articles has been pre-

sented recently on simple, accurate,
power measurement using a logarith-
mic amplifier by Analog Devices. The
article by Wes Hayward, W7ZOI, and
Bob Larkin, W7PUA,1 revealed the
AD8307 log amp, capable of measure-
ments from –80 dBm to +7 dBm and
from 1 to 500 MHz. Measurements can
be taken to levels up to nearly 100 W
with the use of an easy-to-build 40 dB
tap.

As is the case with most power
meters, an accurate calibration step is

required. This is performed by using
either a signal of known level, or by
comparing an unknown signal level
against another calibrated measure-
ment device.

Bob Kopski, K3NHI, presented an
article describing a way to provide the
home-experimenter with a method to
calibrate the meter. He translated the
output of the log amplifier into a 1 mV/
dB range, such that the measurements
could be displayed by a digital volt-
meter (DVM) module without the
need to convert measurement levels
through a lookup chart.2 In a later
paper, he presented a simple RF sig-
nal source that can be calibrated with
an oscilloscope or RMS voltmeter.3

This project begins with the same
log amplifier, and adds a PIC proces-
sor, LCD display and user control.
With a small on-board microprocessor,

significant additional features may be
employed:

• Calibration points are stored within
the FLASH memory of the PIC pro-
cessor.

• Power measurement levels are dis-
played on the screen in dBm, and,
optionally, in watts.

• When using a coupler, on-screen off-
set is included within the software.

• A high-accuracy differential mea-
surement mode allows the opera-
tor to measure insertion loss with
resolution better than 0.1 dB.

• Amplifier gain, return loss and even
VSWR can also be measured and
displayed with this differential
mode.

There are two goals in the presen-
tation of this article: First, if you
haven’t built a general-purpose RF

1Notes appear on page 10.
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Fig 1—Exterior view of the PIC power
meter.

Fig 2—Log amplifier voltage output is interpreted between three calibration points, A, B
and C. For relative measurements, an absolute reference is determined and a higher-gain
slope output is used to determine the relative change.

power meter for your bench yet, this
may be of interest for you. Second, the
PIC code is available in both pre-
programmed format, as well as in
source-code. With a relatively small in-
vestment, the amateur has the capa-
bility of developing new projects based
upon the generic PIC and LCD mod-
ule presented in this article.

For those interested in replicating
either part of the design, parts are
available from Kanga US.4

Theory of Operation
The heart of the entire system in-

volves the Analog Devices AD8307 loga-
rithmic amplifier. This part accepts RF
input from 1 to 500 MHz, and converts
the power level to a voltage. The con-
version is on a logarithmic scale, such
as 25 mV of output change per dB
change in input power. The output volt-
age is then scaled by an op amp to
roughly 50 mV/dB, such that the entire
–80 to +7 dBm range spans from 0 to
just under 5 V. This range may be eas-
ily captured by an A/D converter and
converted from V to dBm through a
lookup and interpolation step.

The Microchip-PIC chosen is the
18F452.5 The built-in A/D converter
has a resolution of 10 bits or 1024
unique values. Assume for a moment
that the RF range of 87 dB spans
0.5 V to 4.5 V to the A/D converter. This
uses 80% of the 1024 points in the
A/D converter. With 80 dB relating to
800 points, the highest resolution
available is roughly 0.1 dB per step
from the converter. This limits mea-
surements to a ±0.1 dB resolution.

For some applications, power mea-
surements accurate to ±0.1 dB are prob-
ably sufficient. If you are measuring the
output power of a transmitter, 0.1 dB
variations in output level are minor.
However, if you are checking insertion
loss of a filter, or trying to measure the
loss in a piece of coax, an error of
0.1 dB may be large. Faced with this
deficiency, I was prompted to find a way
to improve the resolution of the power
measurement system, without moving
to a higher-cost A/D converter.

One simple way of improving the
resolution was to add even more gain
after the log amp output. Additional
dc gain (for example, another 5×) can
be added after the log amp to gener-
ate greater sensitivity. This creates a
system with 250 mV/dB of sensitivity.
Although this exceeds the specified ab-
solute accuracy of the AD8307, it is not
significant for difference measure-
ments.

From this, the concept of relative
power measurement is introduced. For
a given input power level, remember

this value and establish a reference
voltage. The power meter then mea-
sures the difference from this point,
and places a high gain in the signal,
allowing the A/D converter to see far
more resolution than during the ab-
solute power measurement mode. This
is shown in Fig 2. The absolute gain
curve depicts the expected output volt-
age for a given input level. The rela-
tive power gain curve depicts the
output voltage, once a reference point
has been established.

A D/A converter is required to set up
a reference signal. The Analog Devices
AD7391 is a low-cost 8-bit DAC that
operates off a single +5 V supply and
has a serial interface that is easily con-
trolled via the PIC processor. With this
and a differential op amp (with gain), a
higher-resolution measurement may be
performed.

The reference signal is set up to pro-
vide a 2.5 V output from the differen-
tial amplifier upon initial setup. With
a feedback gain of approximately 5 in
the op-amp circuit, changes in power
level on the order of 0.02 dB relate to a

single bit of resolution in the 10-bit
A/D converter. Although a change of
0.02 dB is probably nonsense on the
workbench, it does provide the assur-
ance that measured values on the or-
der of 0.1 dB are now indeed believable.

The bulk of this system is controlled
through software inside the PIC proces-
sor. Since the PIC has multiple A/D con-
verter inputs, both the absolute
(RF_ABS) and relative (RF_DIFF)
power measurements are captured
separately. If the operator wishes to
measure insertion loss, or antenna re-
turn loss, the software will automati-
cally keep track of what measurement
mode the meter should be running in.
When relative measurements exceed
the range of the higher-gain differen-
tial amplifier, the program will auto-
matically shift to using the absolute
power measurement value to determine
the difference. The resolution of the
measurement will change on the dis-
play, depending upon which internal
measurement mode is being utilized.

Consider the example shown in
Fig 2. If the input signal level is at
–28 dBm, then the absolute power
measurement A/D measures approxi-
mately 3.2 V (as seen on the left axis).
If a relative measurement needs to be
taken from this point, the circuitry will
set up a reference value such that the
relative power measurement A/D in-
put is 2.5 V (as seen on the right axis).
Any change in the power level from
this point on will result in a greater
change on the relative slope than on
the absolute slope.

By setting the initial reference
point at half of the supply voltage, the
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Fig 3—PIC and display module—schematic diagram.
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Fig 4—RF measurement module—schematic diagram.

Fig 5—Inside view of the meter. The CPU
module is on the top, the RF measurement
section is on the bottom. The LCD is
mounted under the CPU module.

high-resolution system can measure
gain as well as loss.

Because the PIC processor contains
flash memory, three calibration points
(A, B and C) may be stored within the
meter. Any measurement between
these three data points are interpo-
lated automatically. In addition, the
relative power measurement mode (D)
may be calibrated with any 3 dB to
10 dB attenuator and any RF signal
source as input. These will be illus-
trated in the examples below.

CPU Module
The CPU module utilizes the PIC

18F452. A crystal provides the CPU
clock. An on-board voltage regulator
allows the system to be run from a
9 V battery.

Various header pins are exposed on
the top and bottom edges of the board.
Analog input is on J105. J103 provides
room for the four function buttons.
J104 controls the D/A converter

through a 3-wire serial interface. U104
is a Lumex 2×16 character LCD. It is
mounted on the back side of the PCB
with 4-40 standoffs.

There are two LEDs on the CPU
module. Although these are for debug
purposes, I would encourage you to in-
clude them. The CPU’s most-common

event is watching the four user-inter-
face buttons. Within this routine, the
two diodes are toggled. Under normal
operations, they should continually
flicker. An occasional stall indicates that
the CPU is doing something more im-
portant than watching the state of the
buttons (such as performing an A/D con-
version, or calculating the power or
VSWR, updating the LCD display, etc).
It is a great way to verify (even before
getting the LCD connected) that the
PIC is alive and well.

On one end of the CPU board is
J102, a header that matches Micro-
chip’s ICD header. This allows the de-
veloper to program the PIC in place.
Although the header is not required
for normal power-meter operation,
R101 must still be inserted on the
board, in order to keep the part run-
ning the stored program.

A large bank of 2.2 kΩ pull-up re-
sistors for the push buttons is present,
along with a number of headers sur-
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rounding the PIC, for off-board inter-
action.

The board has an empty SO-16 foot-
ing, along with a few landings for
electrolytic capacitors. These will
accommodate an RS-232 interface for
a future project.

RF Module
Because of the low-level signals to

be measured, the RF module was de-
signed from the start to be on its own
RF-shielded board.

Fig 4 shows the RF module. The log
amp is the Analog Devices AD8307 in
an SO-8 package. The RF input stage
is virtually identical to the previous
design of Hayward and Larkin, includ-
ing slight equalization to level the
measurement accuracy at higher fre-
quencies. The absolute RF output is
sent to a quad op amp. An AD7391
DAC provides the reference voltage for
the high-precision circuitry.

The RF module utilizes surface
mount technology throughout. Al-
though this was not an absolute re-
quirement, some components (such as
the AD8307) are readily available in
SO-8 packaging, while the DIP-8 of-
ten has a longer lead time. With no
pitches tighter than 0.05 inch, it is still
practical to hand-solder these parts to
the printed circuit board.

While studying the schematic, you
may encounter additional components
in places where you might not expect
them. I encountered some noise issues
with the AD7391 DAC in an earlier
prototype. In an effort to isolate the
noise, I employed extra decoupling and
bypass stages. Two separate voltage
regulators provide a clean supply to
each of the two 5 V devices. Series re-
sistors, along with the 0.1 μF capaci-
tors, in and out of the regulators act
as a low pass filter, designed to stop
stray noise from working its way
through these stages. Series resistors
near the inputs of op-amps also iso-
late noise. I switched to the LM324, a
quad op-amp, so I could further iso-
late potential noise by adding two
pass-thru stages between the DAC
and the differential amplifier.

The RF module must be enclosed
in its own RF-tight enclosure. A lim-
ited number of interface wires should
all be fed to the board via 1000 pF feed-
through capacitors, soldered on the
wall of the RF enclosure.

Operating the Meter
With the advent of newer miniature

“appliances” from the major vendors,
most Amateur Radio operators have
become accustomed to driving their ra-
dios by way of some menu-driven in-

terface. Often, the bottom of the LCD
display is lined with push buttons. The
buttons perform different features, de-
pending upon what the radio is doing.
The operator can shift to another bank
of features by pressing an F button, or
perhaps scrolling an optical shaft en-
coder until the desired selection is
found.

I’ve grown accustomed to scrolling
around within the menu system to
change power levels on my FT-817,
alter CW speed, or rapidly pop be-
tween memories or bands. The ’817
incorporates an F, or function key that
wakes up the bottom line of the dis-
play into a menu-driven mode. But-
tons A, B and C perform various
features as indicated on the display.
On the ’817, pressing F turns the menu
on and off, while advancing to the next
bank of menu features is accomplished
with the small optical shaft encoder.

I chose to integrate a similar ap-
proach on the power meter. Subsequent
presses of the F button will advance the
operator to the next set of features.
Typically after choosing a setting, the
menu line will return to blank until you
need to set or change something again.

Calibrating Absolute Power
Measurements

Upon first power-up, the meter will
move factory settings from ROM to
flash memory. You will want to cali-
brate your meter before taking any
serious measurements. For our discus-
sion, assume for a moment that you
have a signal generator capable of
output at –70 dBm to +7 dBm.

Three calibration points need to be
stored within the meter. It is impor-
tant to make sure that Pa < Pb < Pc, as
the interpolation code assumes this.
The strongest level, Pc, will be +7 dBm,
as an overload warning will trigger
when any level exceeding this value
is detected.

You may set the calibration points
in any order you choose. Let’s begin
with point A on the absolute power
curve shown in Fig 2.

The push button under the power
switch (see Fig 1), acts as the F or
function key. Press F until the display
reveals the prompt CALA. Press CALA.
Apply a very weak signal to the meter,
such as –70 dBm. To tell the meter
that this is –70.0 dBm, select the SET_
DB button. Use the UP and DOWN but-
tons to set the display to the exact
value that you are applying to the
meter, such as –70.0 dBm. The cali-
bration point will move in 0.1 dB steps.
If you press-and-hold the UP or DOWN
button, the meter will scroll in 1.0 dB
steps to speed up the process. Once the

display matches the known signal
level, press SAVE. This point has been
calibrated and stored in to the flash
memory of the PIC processor.

If you wish to back out of the cali-
bration process, press the F key and the
display will return to normal operation.

Repeat the procedure again for a +0
dBm signal (or so). This is CALB. After
setting the B point, carefully apply a
+7 dBm signal source and calibrate for
point C.

Note that the CALC point of calibra-
tion should be set near the strongest
acceptable power level for the log amp.
Signal levels in excess of +10 dBm may
harm or destroy the log amp. To alert
the operator of an overload, the meter
will flash the measured value on the
display, an indication that the input
signal level needs to be reduced to a
safer level.

At this point, your meter is cali-
brated against your signal source. Vary
the amplitude of the input signal level
to see how well things track. The meter
should reflect changes across the span
over which it was calibrated.

When setting calibration points,
note that a voltage is present on the
display as well. This is the actual mea-
sured voltage presented to the A/D
converter (RF_ABS). Write the  dBm
and voltage pair down for each of
three calibration points into your note-
book. If you ever need to re-calibrate
the meter in the future without a wide-
range signal generator, the meter al-
lows you to enter the calibration points
without a signal source. With no sig-
nal source required at the input, sim-
ply calibrate the dBm value first, then
enter the voltage by selecting the
ADJ_V button in the calibration menu.

Calibrating the Differential-
Mode Measurement System

To calibrate the absolute power
measurement points, we input a
known power level to the system and
ask it to remember the value. To
calibrate the relative measurement
system, we have to provide a known
relative change in power. The easiest
way to do this is with an RF carrier
and an attenuator of known value.

Apply a signal source to the meter,
somewhere in the 0 to –10 dBm range
(it is not critical, as long as it is stable).
Press F , then ZERO, and wait for the
meter to converge on this signal. The
second line should show +0.00 dB, or
something very close to zero. Now in-
sert an attenuator, such as 10 dB, be-
tween the signal source and the meter.
The relative measurement should
show something near –10.00 dB. To
calibrate this value, press F until you
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Table 1—Parts list for the PIC and display module shown in Figure 3.
Digi-Key part numbers (DK) are shown.

C101, 102—0.22 μF, 50 V, X7R 1206 DK-399-1251-1-ND
C103, 104—0.1 μF, X7R 1206 DK-399-1248-1-ND
C105, 106—33 pF, 50 V, NP0 1206 DK-399-1199-1-ND
D101—Red, LED (small) DK-67-1069-ND or equiv.
D102—Yellow, LED (small) DK-67-1078-ND or equiv.
R101—1 kΩ, 5%, SMT 1206 DK-P1.0KECT-ND
R102—10 kΩ, variable DK-3329H-103-ND
R103, 104, 106-112—2.2 kΩ, 5%, SMT 1206 DK-P2.2KECT-ND
U101—78L05-SOT89 DK-NJM78L05UA-ND
U102—PIC18F452 (requires programming, see text) DK-PIC18F452-I/P-ND
U104—LCM-S01602DSR/A DK-67-1768-ND
X101—20 MHz, CA-301 DK-SE3438-ND

Table 2—Parts list for the RF measurement module shown in Fig 4. Digi-Key part numbers (DK) are shown.

C201, 202, 205 – 211, 213—0.1 μF X7R 1206 DK-399-1248-1-ND
C203—15 pF, 50 V, NP0 1206 DK-399-1194-1-ND
C204—0.01 μF, 50 V, X7R 1206 DK-399-1234-1-ND
C212—10 μF tantalum DK-478-1762-1-ND
L201—10 nH, 10%, SMD 0805 DK-PCD1160CT-ND
R201—51 Ω, 5%, SMT 1206 DK-P51ECT-ND
R202—470 Ω, 5%, SMT 1206 DK-P470ECT-ND
R203, 204, 211, 212, 215—22 Ω, 5%, SMT 1206 DK-P22ECT-ND
R205—6.8 kΩ, 5%, SMT 1206 DK-P6.8KECT-ND
R206, 208, 214—4.7 kΩ, 5%, SMT 1206 DK-P4.7KECT-ND
R207—1 kΩ, 5%, SMT 1206 DK-P1.0KECT-ND
R209, 210, 216, 217—100 Ω, 5%, SMT 1206 DK-P100ECT-ND
R213—1 kΩ, 5%, SMT 1206 DK-P1.0KECT-ND
U201, 205—78L05-SOT89 DK-NJM78L05UA-ND
U202—AD8307AR, log amplifier, SO-8 DK-AD8307AR-ND (or direct from Analog Devices)
U203—AD7391AR 8-bit DAC, SO-8 DK-AD7391AR-ND (or direct from Analog Devices)
U204—LM324 quad op amp, SO-14 296-9540-5-ND

see the CALD (short notation for Cali-
brate-Differential) button. Select it.
The values you see reveal the gain of
the op amp. As you did with the abso-
lute power measurement system, all
you have to do is press SET_ DB, and
enter the amount of attenuation you
have applied to the signal (such as
10.0 dB), then press SAVE. From this
point on, differential power measure-
ments are calibrated against your at-
tenuator. Again, you may want to write
this value down for future reference.

Calibrating the Tap Offset
I find it very handy to grab my

40 dB tap for higher power measure-
ments. The power meter can be shifted
into TAP mode, in which the signal level
on the screen will reflect the fact that
the tap is being used. To toggle this fea-
ture, press F, then TAP. The letter T will
show up to the left of the absolute power
level, to remind you that you are read-
ing a shifted value on the display.

If you wish to read or set the tap
calibration point, simply press F then
press and hold the TAP button until the
calibration is revealed on the display.
To change this value, press SET_ DB.
Use the UP and DOWN buttons to step
in 0.1 dB steps (press and hold to step
in 1 dB steps). When you have the
value of your tap, press SAVE.

Although the TAP position is gener-
ally thought to correspond to the tap
described in the earlier article by
Hayward and Larkin, it could also be
another circuit. This could be a power
attenuator, a fixed-gain amplifier, or
a directional coupler.

General Operation
Once the calibration points are set,

the meter becomes quite simple to op-
erate. Just turn the meter on and wait

for the banner message to clear. The
top line of the meter always reveals
absolute power level measured.

If you wish to show the power level
in watts, press the F button until the
mW button is found. The power level
will auto-scale from picowatts to watts,
and be shown on the bottom line. If
you are using a tap offset device, you
will see power in watts at the tap in-
put on the display. Remember to never
exceed +7 dBm into the front end of
the meter, or +47 dBm into the tap
with the 40 dB tap being used.

For most toggle modes, such as dis-
playing power in watts, the menu will
show the > character next to the menu
item, to indicate this mode is active.

To perform a differential power mea-
surement, you must first present the
signal to the meter and let it establish
a baseline. Press F, then ZERO. A * will
appear on the display while the pro-
gram converges to the reference signal.
The second line of the display will show
the difference, in dB. Note that this line
will provide a resolution of 0.01 dB
when the high-precision mode is active.
The resolution of the display will shift

to 0.1 dB automatically (a digit will dis-
appear), once the range of the high-pre-
cision mode has been exceeded. A slight
jump in relative measurements may be
noticed during the transition, as the
CPU shifts from interpolating with the
high-resolution mode and associated
calibration points, and the lower
resolution of the absolute power mea-
surement. The high-resolution mea-
surement mode typically falls out of
range beyond roughly ±10 dB.

Upon completion of differential
power measurement, simply press
F ZERO again, and the meter will re-
turn back to normal operation.

Some operators may wish to use the
meter with a directional coupler to
measure antenna return loss. Connect
the return loss bridge such that the
meter is detecting reflected power.
With the antenna disconnected, apply
a test signal to the meter and press
F ZERO. Then, connect the antenna.
The return loss will be shown as a rela-
tive power measurement on the sec-
ond line of the display. If you wish to
display this as VSWR, select the
VSWR mode through the menu.
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Table 3—Interconnect parts list.

C221-226—1000 pF feed-thru capacitor EMI-ZPC102D or equiv.
SW-A, B, C—N.O. push-button, black cap DK EG2011-ND or equiv.
SW-F—N.O. push button, red cap DK EG2015-ND or equiv.
EMI—EMI Filter Company (www.emifilterco.com)

I found it extremely handy to moni-
tor the values measured by the A/D
converter during debug and test. This
may be toggled by pressing the V but-
ton under the menu.

If for any reason you want to restore
the meter back to its default settings, a
back door has been provided. With the
meter shut off, press and hold the B and
C buttons together, and turn the meter
on. You will see the display begin with
RESETTING FACTORY SETTINGS. From
there, you will want to re-calibrate, or
enter your calibration points again.

Software
The source code is available for ex-

amination or augmentation, from the
Web site listed at the end of the article.
It could also serve as a good springboard
for the development of other projects as
well, since the LCD driver code, flash
memory, and interactive menu have al-
ready been written. Since all of the RF
measurement hardware is on its own
sub-assembly, the CPU/LCD could be
used for other creative ideas within the
amateur community.

I chose to write the program in C
(and purchase the C-compiler), rather
than to write the application in assem-
bly language. This was a direct
tradeoff between my time and my fi-
nancial resources. Although every-
thing could have been performed in
assembly, my family and I are happy
I chose the route of purchasing the
compiler. CCS7 provides not only the
compiler, but many useful tools to ease
the development of any project. Test
code, interrupt handlers, and functions
for manipulating the flash memory
are all available as part of the stan-
dard CCS compiler package. This al-
lows the developer to concentrate more
on the application at hand, and less
on the inner workings of the PIC.

Programming the PIC processor
was accomplished with the Microchip
USB ICD-2 module. With the addition
of the header J102, the PIC may be
programmed and re-programmed
countless times without the need to
remove the part from the board. This
was vital to the development of the
project, as new ideas could be coded
and tested within the shack, without
the need for expensive programmers
or JTAG emulators.

Assembly Notes
As is the case of many projects, this

project is best constructed in stages.
Depending upon the size of the chas-
sis you have selected, it might be use-
ful to perform some dry-fit mounting
prior to assembly of the modules. I
found the Hammond 1590J case to be

Fig 6—Interconnection details.

Fig 7—Side cutout details of RF module and enclosure.

large enough to hold both the circuitry,
as well as a 9 V battery. If you plan on
using the meter more routinely, it may
be better to choose a larger enclosure,
such that six to eight AA batteries
could be used instead.

Start by cutting a hole for the LCD

display, then finding the right loca-
tions for the four mounting holes. Dry-
fit the LCD bezel until it fits snugly
on the front panel. After this, mount
the bare PCB in place and locate posi-
tions for the four push buttons. Space
the A, B, and C buttons equally across
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the bottom of the display. The F key
can be located anywhere you choose.

The CPU module board can be
booted without the need to connect the
RF module. Start by soldering all re-
sistors and capacitors on the back side
of the board. Populate the front-side
components on the board, including the
crystal oscillator section (X101) and
capacitors. Finally, solder in the socket
for U102, the PIC processor. After veri-
fying that the 5 V regulator is supply-
ing voltage to the board, it is time to
confirm that the pre-programmed PIC
processor springs to life. Install the pro-
cessor into the socket and verify the
board is operational by applying power
and viewing the LEDs D101 and D102
on the circuit board. (It may take up to
10 seconds after power is applied to see
the LEDs begin to flash.) Once this is
verified, mount the LCD on to the back
of the board, and mount all 16 wires
from the LCD to the CPU board. These
pads line up with one-another such that
only a 0.25 inch piece of bare wire is
needed for each. I used the leads from
1/4 W resistors to bridge the two. Again,
power up the meter and watch the dis-
play for the banner. Adjust the LCD
contrast by varying R102—the display
may appear blank until this has been
adjusted. Next, wire in the push but-
tons to make sure the F, A, B, and C but-
tons behave as expected.

With the remaining space in the
chassis, it is time to construct an RF-
tight box for the measurement mod-
ule. The RF PCB was designed to rest
right onto the pin of a BNC connector.
See Fig 7 for a detailed side-cutout
diagram of the RF module.

Cut a piece of copper-clad material
approximately 0.1 inch wider on all
edges than the RF module circuit
board. Plan on having it rest up
against the back-side of the front
panel. Drill a hole for the BNC con-
nector, centered over J201 on the RF
module. Include a ground lug while

bolting on the BNC. Drill another hole
at the opposite side of the board, such
that the printed circuit board will have
mechanical stability. Plan on using a
short 6-32 spacer to hold the RF mod-
ule away from the copper material.

Using soft 0.75 inch strips of brass,
cut a wall for the back side of the RF
module. Pre-drill six holes for the feed-
thru capacitors in this wall, add the
capacitors, and solder the wall on to
the copper-clad material. This needs
to be done before mounting the RF
module in-place, as it will be nearly
impossible to get a hot soldering iron
to it afterwards.

Verification of RF module operation
should be completed prior to mount-
ing it into the chassis. Apply +9 V to
pins 2 and 1 of J204. Verify each of
the two 5 V regulators, U201 and
U205, are functioning properly. With
a DVM, measure the DC voltage out
of the log amplifier and from the out-
put of the op amp U204. Remember
that even with no RF input to the log
amplifier, a small residual output will
still be measured. Early prototypes,
when shielded properly, measured
approximately 0.65 V at RF_ABS.

To mount the RF module, slip the
center pin of J201 directly onto the cen-
ter pin of the BNC connector. To pro-
vide a solid RF ground to the board,
bend the ground lug of the BNC until
the end of the lug is pushing up against
the back-side of the RF module’s ground
plane. You may need to scrape off addi-
tional solder mask in the location where
the ground lug touches the ground
plane. Using a HOT soldering iron, sol-
der the lug directly to the backside of
the PC board. (Do not omit this step. A
solid ground-return is required for ac-
curate measurements.)

Solder the center pin of J201 to the
BNC connector. Mount a 6-32 screw
to your spacer on the other end of the
board.

Now that the board is in place, build

and mount the other three sides of the
RF box using brass material. Seal the
container with a lid made of copper or
brass. Although it is recommended
that this box be as RF tight as pos-
sible, remember that you may want to
get back in to the box at some point in
time, so don’t seal it so tight that you
can’t get the lid back off again!

After mechanical assembly, com-
plete wiring the interface to the CPU.
When running in ZERO mode, the DAC
should present a 2.5 V output to the
A/D converter on the RF_DIFF net.
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A New Design Approach
for 40-Meter Yagis

By J. V. Evans, N3HBX

Ever wonder what design works best for a
40-meter Yagi? This article delivers a design
with gain, front-to-back ratio and bandwidth.

Introduction
It is difficult to design an effective

Yagi antenna for the 40-meter band.
Part of the problem stems from the size
of a wavelength, which requires the use
of physically large elements. The other
contributing factor is that the band
occupies 300 kHz or 4.2% of the center
frequency. There have been quite a
number of approaches to both prob-
lems. The use of inductive loading, or
combined inductive and capacitive
loading, is the means by which most
commercial designs reduce the element
lengths to more manageable sizes.
However, as I will demonstrate, this
serves to reduce the useful band over

which the antenna will perform well
even further. Indeed, in most designs
it is necessary to tune the antenna ei-
ther for the CW or the phone portion of
the band. Broadbanding an antenna is
more often attempted for 80 meters in
which the band occupies 13.3% of the
center frequency.1 Most of the ap-
proaches are only suitable for wire di-
poles, however, and would be difficult
to apply to a rotary Yagi antenna.2

The German 4-element “Optibeam”
antenna, for example, is said to cover
the entire 40-meter band, and
achieves this by using a pair of driven
elements, but claims a gain that is only
1.4 dB more than its two-element sib-
ling, and requires a boom twice as long
(around 40 feet). There is a real need
for a high-gain, broadband Yagi for 40

meters, that offers excellent front-to-
back ratio across the entire band. In
this article I outline an interesting
design that I stumbled upon in an ef-
fort to meet these objectives.

Initial Approach
I began my studies by modeling a

simple three-element Yagi, using
EZNEC 3.0,3 at my planned height of
120 feet. Table 1 lists the sizes of the
elements employed in the model that
appeared to give the best performance
when the director was placed 30 feet
in front of the driven element and the
reflector placed 20 feet behind. No ef-
fort was made to optimize these dis-
tances, and only the element lengths
were altered in an effort to achieve
a minimum VSWR and the best
front-to-back ratio at 7.15 MHz. The
elements were modeled as 1-inch1Notes appear on page 16.
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Table 1—Lengths (in feet ) of the half elements used in
the models described in the text.

Model Director Front Driven Rear Reflector
Driver Driver

Simple 3-element 30.3 32.6 34.2
Loaded 3-element 20.7 21.9 22.3
Very broadband 30.0 32.6 33.8 35
Tapered element 31.2 34.2 35.6 37
Compact 31.4 33.8 35.6 37.1

Fig 1—The VSWR exhibited by the simple three-element Yagi
described in the text.

Fig 2A—The azimuth pattern (at 20° elevation) of the simple three-
element Yagi described in the text.

Fig 2B—The elevation pattern at the same frequency (7.15 MHz).

diameter aluminum wires, and the
ground was modeled using the
“Real/High Accuracy” option with a
conductivity of 5 millisiemens, and a
dielectric constant of 13.

Fig 1 shows the VSWR observed
when feeding this Yagi from a 25-Ω
source. It can be seen that the SWR is
less than 2:1 from about 7.05 to
7.25 MHz. The azimuth and elevation
patterns at the design frequency
(7.15 MHz) are shown in Fig 2, and
are quite respectable. However, the
front-to-back ratio (at 20° elevation)
degrades significantly, at frequencies
as little as 100 kHz from 7.15 MHz,
as illustrated in Table 2.

I next explored the properties of a
simple three-element Yagi with loaded

elements. As before, the spacing was set
at 30 feet between the director and
driven element and 20 feet between the
driven element and the reflector. The
loads were all modeled as 5 μH induc-
tances placed ±10% of the distance from
the center of their respective elements.
Again, only the lengths of the 1-inch
diameter elements were varied (see
Table 1). Fig 3 shows the VSWR ob-
served and Fig 4 the pattern at the
design frequency. The effect of the load-
ing has been to further reduce the im-
pedance of the driven element as well
as make the element more sharply reso-
nant. While the front-to-back ratio at
7.15 MHz is excellent (Fig 4A), it now
deteriorates more rapidly as one moves
away from the design frequency (Table

2). Clearly, efforts to reduce the size of
the elements work to cause the useful
bandwidth to be reduced.

Broadbanding
I then began a study to see whether

it would be possible to make the driven
element less sharply resonant by plac-
ing nearby elements that were both
longer and shorter. I put the longer ele-
ment behind the driven one and the
shorter one in front, and this proved to
be a fortunate choice as will become
clear shortly. The separation of these
additional “driver” elements about the
driven one was made ±5 feet, and the
director and reflector were left in their
original positions. I first varied the
lengths of the three-cell driver elements
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Table 2—Gain (dBi) and front-to back ratio (dB) at 20°
elevation computed for the different models.

Model 7.05MHz 7.15MHz 7.25MHz
Gain F/B Gain F/B Gain F/B

Simple 3-element 13.2 15.5 13.2 24.2 13.3 17.5
Loaded 3-element 12.1 3.9 12.7 29.1 12.3 10.9
Very broadband 12.5 35.5 12.5 22.0 12.6 18.5
Tapered element 12.3 31.6 12.3 20.5 12.4 18.5
Compact 11.85 23.2 11.8 32.1 11.9 28.3

Fig 3—The VSWR exhibited by the “loaded element” design
described in the text. Fig 4B—The elevation pattern at the same frequency (7.15 MHz).

Fig 4A—The azimuth pattern (at 20° elevation) of the “loaded
element” design described in the text.

to achieve an acceptable VSWR across
the band. This is shown in Fig 5 for el-
ement lengths that are listed in Table
1 for the “very broadband” model. To my
surprise, I found that the reflector now
contributed very little to the gain or
front-to-back ratio, and could be re-
moved without seriously affecting the
performance. Thus, once the three-cell
driver section had been optimized (for
VSWR), only the length of the director
was left to adjust. Fig 6 shows the re-
sulting arrangement of the antenna el-
ements for this design. The patterns at
20°-elevation angle for 7.05, 7.15, and
7.25 MHz are shown in Fig 7. The gains
and F/B ratios are also listed in Table
2. It can be seen that the best pattern
is now achieved at the CW end of the

band and the F/B ratio degrades as one
moves toward the phone portion. With
only the length of the director to adjust
it proved impossible to alter this behav-
ior, and if the pattern were to be made
optimum at mid-band it would have to
be at the expense of the low VSWR
achieved in Fig 5.

My next effort was to see if it would
be possible to shorten all the elements
by inductively loading them, while re-
taining the nice properties of the four-
element design described above
(Fig 6)—here I met failure. Try as I
might, with my “cut-and-try” approach,
I was not able to obtain the low VSWR
across the band shown in Fig 5 when
the elements were loaded with 5 μH in-
ductances as before. In the belief that

these loaded elements were more
sharply resonant, and therefore less
likely to couple to one another, I tried
reducing their separation from ±5 feet
down to as little as ±2.5 feet, but to no
avail. I leave it to other modelers to
succeed where I failed!

Practical Design
One could argue that any Yagi an-

tenna for 40 meters with four full-size
elements is hardly practical, but one
with 1-inch diameter elements is defi-
nitely quite impractical! Accordingly, I
next attempted to see if the results ob-
tained for the “Very broadband” case
(Table 2) could be replicated using ta-
pered elements. I approached this by
treating each element in turn, and ad-
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Fig 7—The azimuth patterns (at 20° elevation) of the “very
broadband” Yagi described in the text: A) at 7.05 MHZ, B) at
7.15 MHz, C) at 7.25 MHz.

Fig 5—The VSWR exhibited by the “very broadband” Yagi
described in the text.

Fig 6—Sketch of the new proposed antenna design.

Fig 8—The VSWR exhibited by the “tapered-element” design
described in the text.
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Fig 9—The azimuth
patterns (at 20° elevation)
of the “tapered element”
design described in the
text: A) at 7.05 MHz, B) at
7.15 MHz, C) at 7.25 MHz.

Fig 10—The elevation
patterns of the “tapered
element” design at
7.15 MHz: A) at 60 feet
height, B) at 180 feet
height.

justing its length to best maintain the
low VSWR across the band and high
front-to-back ratio at 7.25 MHz. Each
element half was modeled as starting
out at 1-inch diameter and being re-
duced by 1/8 inch every five feet. (This
would allow for a 1-foot overlap between
6 feet sections of tubing.) The length of
the outermost section of the element
(having a diameter of  1/4 inch) was then
adjusted until the best VSWR and pat-
tern were obtained. Fortunately, there
was little interaction between these
model steps, so that only minor tweak-
ing was needed after each element had
been replaced by a tapered version.
Table 1 lists the element lengths ob-
tained, all of which were significantly
longer than the original 1-inch diam-
eter elements. The rear driver for ex-
ample grew from ±35 feet to ±37 feet
However, as can be seen from Fig 8, it
proved possible to maintain the low
VSWR across the band, and, moreover,
the good patterns achieved previously
(see Fig 9). While the choice of
tapered sections used here may be far
from optimum from a mechanical
standpoint, the exercise demonstrates
that the design approach can be made
to work with realistic elements.

Choice of Height
While all these studies were carried

out for the antenna placed at 120 feet
it is a simple matter using EZNEC to
explore the effect of changing the
height. As would be anticipated, the
principal effect of altering the height is
to change the elevation pattern (eg,
Fig 2B). Fig 10 shows the elevation pat-
terns for the tapered element Yagi de-
scribed above if lowered to 60 feet or
raised to 180 feet (these being the prac-
tical limits within which one might
wish to install such an antenna!) At 60
feet there is only a single main lobe with
a gain of 11.8 dBi at 31° elevation. At
180 feet there is the anticipated mul-
tiple-lobe pattern with the main beam
having 13 dBi gain at 11°elevation. The
VSWR behavior, however, seems very
insensitive to height over this range (60
– 180 feet), and this suggests that the
azimuth pattern also remains close to
optimum. That is, a design for one
height should require little or no modi-
fication if employed at another.

Practical Considerations
While the prospect of building a 40-

meter Yagi with four full-size elements
appears quite daunting, there are some
positive aspects. The boom length is
relatively short (35 feet) and possibly
could be shortened further. An effort to
model such an antenna was made in
which the boom length of the tapered

model was reduced to 25 feet, with re-
sults shown in Tables 1 and 2 as the
compact model. Here the separation
of the front and rear drivers was main-
tained at ±5 feet, and the director was
placed only 20 feet in front of the
driven element. With this geometry
the lengths of all but the driven ele-
ment had to be changed slightly to
achieve less than 2:1 SWR across the
band (Table 1). However, it was now
possible to optimize the F/B ratio at
the middle of the band and obtain a
better behavior across the entire band
(Table 2). The price for this reduction
in the boom length, however, appears
to be a 0.5 dB loss in forward gain. This
may be an acceptable compromise for
the reduced mechanical complexity.

If a split driven element is used, a
match could be obtained in the normal
fashion of shortening the element (to
make it appear capacitive) and tuning
this reactance out with a hairpin. How-
ever, this could upset the low VSWR
achieved with the three-cell driver ar-
rangement, and a better solution may
be to employ a 50-ohm-to-22-ohm step-
down transformer (unun) available
from Amidon,4 followed immediately by
a ferrite choke balun.

Given the effects of small changes in
the lengths of these tightly-coupled ele-
ments on the VSWR and F/B ratio, it
would seem prudent to adjust the three-
cell driver to reproduce the calculated
variation of SWR with frequency, and
then adjust the director to minimize the
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F/B ratio at the appropriate frequency.
Doing this at the planned operational
height could be tedious, but raising the
antenna to 60 feet would seem suffi-
cient.

Conclusion
It is possible to design a Yagi for the

40-meter band that offers a low VSWR
across the band if additional (shorter
and longer) elements are placed in close
proximity to the driven element. If the
length of these are adjusted to secure a
less than 2:1 VSWR across the band, it
is found that a reflector element adds
little to the performance and may be
dispensed with. This allows consider-
able shortening of the boom. The pat-
terns obtained exhibit a gain that is
about 1 dB less than a full-size, three-
element Yagi at its design frequency, but
yield a superior front-to-back ratio
across the band.

John Evans, N3HBX, was first licensed
in 1989. He.was educated at the Uni-
versity of Manchester, England where
he received the B.Sc. and Ph.D. degrees
in physics in 1954 and 1957, respec-
tively. In 1960 he emigrated to the
United States and joined the staff of the

MIT Lincoln Laboratories, where for the
next 23 years he pursued research into
the radar scattering properties of mete-
ors, the moon, the nearby planets and
the behavior of the earth’s ionosphere.

John became Assistant Director in
1977 and Director of the Haystack (ra-
dio astronomy) Observatory as well as
an MIT full professor in 1980. In 1983
he became the Director of COMSAT
Laboratories in Clarksburg, Maryland
and was later named President of the
Laboratory and then  COMSAT Chief

Technology Officer where he remained
until his retirement in 1990.
Notes
1The ARRL Antenna Book, 16th Edition,

Chapter 9 (”Broadband Antennas”), 1991.
2R. Fisher, W2CQH, “A Simple Broadband

80 Meter Dipole Antenna” The ARRL Anten
na Compendium vol. 2., pp 119-123, 1989.

3EZNEC by R. Lewallen, W7EL, PO Box
6658, Beaverton, OR 97007.

4Ferrite baluns and ununs are available
from Amidon Associates Inc, www.
amidoncorp.com/aaiproductselection
.htm.
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kd6ozh@verizon.net

A Multi-Output Power
Supply for the Experimenter

By John B. Stephensen, KD6OZH

The author describes a power-supply design that can be adapted
to most projects that include modern solid-state devices.

Introduction
If you’re an avid builder of homebrew

Amateur Radio equipment, one item
that has to be replicated over and over
again is the power supply. Radios that
incorporate both analog and digital cir-
cuitry generally require three or four
voltages. There are off-the-shelf multi-
output power-supply units available,
but the output voltages are generally
inappropriate for today’s semiconduc-
tors. A decade ago, a power supply with
+5, +12 and –12 V outputs would have
been suitable for most receiver and low-
power transmitter projects. Require-
ments have changed.

Modern logic devices no longer op-
erate from 5-V supplies, but use 3.3-V
supplies for input/output pins plus
component-specific supply voltages to
power the core logic. On-board regu-
lators are best for supplying core
voltages of 2.5, 1.8, 1.5 or 1.2 V, but a
high-current 3.3-V output is a must
in any multi-output supply.

Analog components such as opera-
tional amplifiers (op amps) and the
analog side of mixed-signal devices
now use 5 V, so a clean low-current
5-V supply is still necessary.

VHF, UHF and microwave equip-
ment often uses monolithic microwave
integrated circuits (MMICs) that re-
quire a supply voltage between 2.5 and
5.5 V. This is usually supplied through
an RF choke and a dropping resistor
that set the operating current of the
device. It is important that the drop-

ping resistor not dissipate too much
power but a power supply output sig-
nificantly higher than the highest
MMIC terminal voltage is required. I
selected 7.5 V as the best compromise.
Several amperes may be required for
projects using high-power MMIC am-
plifiers.

A component that should see in-
creasing use in amateur projects is the
current-feedback (CFB) op amp. These
are similar to traditional voltage-feed-
back op amps but have slew rates of
several thousand V/μsec. They are
relatively low-noise devices and their
high speed allows use in RF circuits
at frequencies up to 150 MHz. Devices
may operate at 10-15 V, but a higher
voltage results in lower distortion. A
15-V output supplying several hun-
dred mA is a must.

Many modern receivers and trans-
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Fig 1—Schematic of the multi-voltage power supply. Unless otherwise specified, use axial lead, 1/4 W, 1% resistors.

C1-C3—Capacitor, radial lead, aluminum
electrolytic, 15000 μμμμμF +80/–20%,
10 WVdc, 3/4" max. OD, 0.3" LS Nichicon
UVR1A153MHD, Panasonic ECA-1AM153

C4-C8—Capacitor, radial lead, aluminum
electrolytic, 10000 μμμμμF +80/–20%,
16 WVdc, 3/4" max. OD, 0.3" LS Nichicon
UVR1C103MHD, Panasonic ECA-1CM103

C9-C11—Capacitor, radial lead, aluminum
electrolytic, 220 μμμμμF +80/–20%, 16 WVdc,
1/4" max. OD, 0.1" LS Nichicon
UVR1C221MHD, Panasonic ECA-1CM221

C12-C16—Capacitor, radial lead, tantalum
electrolytic, 10 μμμμμF, 25 WVdc, 1/4" max. OD,
0.1" LS AVX TAP106K025SCS, Kemet
T350E106K025AS

D1-D4—Schottky rectifier, 3 A, 40 PIV,
1N5832

D5-D12—Rectifier, 1 A, 50 PIV, 1N4001
D13—Zener diode, 1 W, 33 V, 1N4752

J1—Header, 2 position, 0.045" sq pin,
0.156" spacing, Amp 640445-2, Molex/
Waldom 26-48-1025

J2—Header, 4 position, 0.045" sq pin,
0.156" spacing, Amp 640445-4, Molex/
Waldom 26-48-1045

J3-J6—Header, 10 position, 0.025" sq pin,
0.1" spacing, Amp 1-640454-0, Waldom/
Molex 22-23-2101

J7—Header, 4 position, 0.025" sq pin, 0.1"
spacing, Amp 640454-4, Waldom/Molex
22-23-2041

R1, R3, R5, R7, R9—124 ΩΩΩΩΩ, Digi-Key
124XBK-ND, Panasonic ERD-S2TJ124V

R2—205 ΩΩΩΩΩ Digi-Key 205XBK-ND,
Panasonic ERD-S2TJ205V

R4—374 ΩΩΩΩΩ Digi-Key 374XBK-ND,
Panasonic ERD-S2TJ374V

R6—634 ΩΩΩΩΩ Digi-Key 634XBK-ND,
Panasonic ERD-S2TJ634V

R8—1370 ΩΩΩΩΩ Digi-Key 1.37KXBK-ND,
Panasonic ERD-S2TJ1.37KV

R10—2260 ΩΩΩΩΩ Digi-Key 2.26KXBK-ND,
Panasonic ERD-S2TJ2.26KV

T1—Transformer, 56 VA, dual 115-V
50-60 Hz primary, dual 5-V secondary
Tamura PL56-10-130B, PPC VPP10-5600

T1 (alternate, see text)—Transformer, 30
VA, dual 115 V, 50-60 Hz primary, dual 5 V
secondary windings Tamura PL30-10-
130B, PPC VPP10-3000

U1—Voltage regulator, LDO, adjustable,
5 A, TO-220, National LM1084IT, Linear
Technology LT1084CT

U2, U4, U5—Voltage regulator, adjustable,
National LM317TNS, Linear Technology
LT317AT

U3—Voltage regulator, LDO, adjustable,
5 A, TO-220, National LM1084IT Linear
Technology LT1084CT

U3 (alternate, see text)—Voltage regulator,
LDO, adjustable, 3 A, TO-220 National
LM1085IT, Linear Technology LT1085CT

mitters use voltage-controlled oscilla-
tors (VCOs) since components for me-
chanically tuned oscillators are no
longer manufactured. The varactor
diodes used to tune these oscillators

have breakdown voltages between 12
and 30 V. The parts with the highest
Q generally require high voltages, so
an output at 24 V is necessary. Since
the diodes are reverse biased, only a

few milliamps of current is required.
Designing a new power supply for

each project is not the most interest-
ing exercise, so I decided to design a
low-cost power supply to provide all
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necessary voltages. This supply can be
replicated and re-used for various
projects in the future. The design is
described here and PC boards are
available from the author to allow easy
replication by others. All parts are
readily available and the parts list
provides two manufacturers’ part
numbers for each component. No sur-
face-mount components are used and
all may be ordered on-line from Digi-
Key or other suppliers.

Circuit Description
The power supply uses linear volt-

age regulators to avoid electromag-
netic interference (EMI) generation. In
order to provide reasonable efficiency
the unregulated input voltage to each
linear regulator cannot be too high or
most of the power will be dissipated
in the regulator. Since the output volt-
ages span an 8 to 1 range, some de-
sign tricks were required to generate
multiple voltages from an inexpensive
off-the-shelf transformer.

The power supply circuit, shown in
Fig 1, uses a transformer with a
10-V center-tapped secondary winding
and voltage multiplier circuitry to gen-
erate four unregulated voltages. The
two primary windings may be con-
nected in series or parallel to support
105 to 125-V or 210 to 250-V inputs at
50 to 60 Hertz. Note that the filter
capacitor values are kept small to
minimize the power factor. Ripple can
reach 20% at high currents but the
regulators attenuate this by a factor
of 1000 or more at the outputs.

A half-wave rectifier formed by D1,
D2, C1, C2 and C3 provides the low-
est voltage. This may range from 5 to
8 V depending on line voltage and out-
put current. D1 and D2 are low-loss
Schottky rectifiers. A 5-A adjustable
regulator consisting of U1, R1, R2 and
C12 converts this to 3.3 V.

A bridge rectifier circuit consisting
of D1-D4, C4 and C5 provides the next
highest voltage. This may range from
10 to 16 V. D1-D4 are Schottky diodes
in order to minimize forward voltage
drop. Two linear regulators, U2 and
U3, provide 5-V and 7.5-V outputs. U2
is a 1.5-A regulator and U3 is a 5-A
regulator.

C6-C8 and D5-D8 form a full-wave
voltage doubler circuit. C6 and C7 are
alternately charged through D5 and
D6 when the voltage on the trans-
former secondary drops below the volt-
age on C4 and C5. When the voltage
rises towards its peak, these capaci-
tors discharge into C8 through D7 and
D8. Their positive ends reach almost
twice the transformer voltage and a
20-32 V unregulated supply is created.

U4, R7, R8 and C15 regulate this down
to 15 V at up to 1.5 A.

D7-D10 and C9-C11 operate simi-
larly to form a voltage tripler that gen-
erates 30-48 V. U5 converts this to
24 V dc. Since only a small current is
needed, C9-C11 are 220 μF capacitors.
U5 is only rated to 40 V so D13 clamps
the input to output voltage to 33 V in
case the 24-V output is short-circuited.
The small values of C9-C11 provide
current limiting. 20 mA of output cur-
rent is available.

Component Options
When installing components note

their polarity. Pins 1, 3, 4 and 6 are the
transformer primary winding and must
be located near the end of the PCB. The
cathode end of rectifiers is marked with
a band on the component and a “K” on
the top of the board. The positive end of
capacitors is marked with a “+” on the
component and the board.

The PC board is laid out for square-
pinned headers. The input connectors,
J1 and J2 use 45-mil square pins on a
156-mil spacing so that the mating con-
nectors can accommodate 18-AWG wire.
J1 is the ac line input and J2 is used to
select the input voltage range as shown
in Fig 1. These connectors can be elimi-
nated, if desired, and the ac input sol-
dered to the mounting holes.

J3-J6 use 25-mil square pins on a
100-mil spacing and the mating con-
nectors can accommodate up to 22-
AWG wire. The high-current outputs
use 2 pins so that up to 4 A can be

supported per connector. One to four
connectors can be installed, depend-
ing on requirements, or the outputs
can be hard-wired.

J7 is a 4-pin 100-mil spacing con-
nector that provides two unregulated
voltage outputs. These are meant for
12-V and 24-V relay coils but can vary
from 10-16 and 20-32 V depending on
line voltage and total load current.

The PCB can accommodate two
transformer styles. A 56-W trans-
former must be used for full output
current or a 30-W transformer may be
installed when less current is re-
quired. Up to 36 W can be drawn from
the seven dc outputs when the 56-W
transformer is used.

If the 30-W transformer is used, C3
and C4 may be removed and U3 must
be changed to a 3-A voltage regulator
IC. The total available power output
drops to 20 W. See the schematic for
the component options.

The output voltage for each regula-
tor may be changed by using different
value resistors at R2, R4, R6, R8 and
R10. I only recommend lowering the
voltage at U1-U4, as the input voltage
to the regulator may be inadequate for
higher dc output voltages. The output
of U5 may be increased up to 28 V.

Installation
The PCB has holes for six #4-40

mounting screws. Use all six so that the
transformer and output connectors are
adequately supported. Use 3/8-inch or
longer standoffs so that the ac input

Fig 2—Photo of completed power supply.
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connectors cannot touch the chassis.
The voltage regulators, U1-U5 re-

quire heat sinks if more than 2 W are
drawn from any output. The board is
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designed with all regulators at one end
so that all may be attached to a com-
mon heat sink. The heat sink often can
be the chassis or cabinet used to house

the project. One or two six-inch
lengths of aluminum channel stock
may be mounted to the outside of the
cabinet to enhance the thermal con-
ductivity.

The voltage regulator ICs mount to
a heat sink with five screws and five
5/32-inch holes are required are on
1/2-inch centers.  Since the metal tabs
on the TO-220 packages are at the out-
put potential, they must be insulated
from the heat sink with mica or com-
posite insulators. The mounting
screws may be #6-32 nylon or #4-40
metal screws may be used with insu-
lated shoulder washers. If the power
supply is run at full output, the heat
sink must have a thermal resistance
of 4°/W or less if the ambient tempera-
ture is above 35°C. You can check the
adequacy of the heat sink by measur-
ing the temperature of the TO-220
tabs. They will operate at 100°C but
should be below 75°C for long life.

If the headers are used to connect
the power-supply output, four may be
installed when Waldom/Molex C-Grid
crimp connector housings are used. If
Amp MTA series IDC connectors are
to be used, install only two headers
with a gap between them.

This power supply has proven very
versatile and the 4×6-inch PCB makes
duplication easy. I’m currently using
one for a bench supply and one in a
software-defined radio. I’m sure that
it will find many other uses.

John Stephensen, KD6OZH, be-
came interested in radio at age 11,
when his father bought him a crystal
radio kit. During the 1960s, he built
several HF receivers using vacuum
tubes and other parts procured from
discarded black-and-white TV sets.
After attending the University of Cali-
fornia, he and two friends founded
PolyMor-phic Systems, a supplier of
personal computer kits, and later
manufactured computers, in 1975. In
1985, he was cofounder of Retix, a
networking hardware and software
supplier. John received his Amateur
Radio license in 1991 and has been ac-
tive on bands from 7 MHz to 24 GHz,
with interests including HF and mi-
crowave DXing and contesting. He has
also been active on packet, satellites
and on the HF bands using several
digital modes. John has always de-
signed and built his own Amateur
Radio gear, some of which has been
described in QEX articles in recent
years. His latest projects have centered
on high-speed digital communication
using DSP.
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Short Low- and Medium-Frequency Antenna Performance
By Valentino Trainotti, LU1ACM, Senior Member, IEEE, and Luis A. Dorado, Member, IEEE

@2004 IEEE. Reprinted, with permission, from the
54th IEEE BTS Symposium, Washington, DC, October 2004

Abstract— Lately, short antennas have attracted broadcast and
communication community attention.

This kind of antennas has been used since the 1920’s.
Top-loaded monopoles are the logical antennas to be used in

order to get a low profile antenna and a performance according
to the broadcaster and communication needs.

In this paper, top-loaded monopoles have been studied exhaus-
tively using the transmission line technique, obtaining improved
expressions for the antenna radiation resistance taking into
account the top-base current relationship and under different
top-loading conditions.

This idea of using an equivalent transmission line technique
has been used since the 1920’s in order to obtain the antenna
input reactance.

Using this old idea, the novel approach here permits to obtain
the near and far field expressions from the current distribution on
the antenna structure. Near field calculation is used to determine
the surface current density on the ground plane.

From the artificial and natural ground plane surface current
density, the power dissipation is calculated and the ground plane
equivalent loss resistance is obtained.

In all cases, as a first approximation, a half-wavelength ground
plane radius has been used, because this is the maximum distance
covered by the ground surface current under the antenna, closing
the antenna electric circuit. Beyond this distance, the ground
currents do not return to the antenna generator and are taken
into account in the surface wave propagation calculations. The
half-wavelength ground plane surface is partially occupied by the
metallic radial ground system and the remainder by the natural
soil.

Artificial ground plane behavior is paramount in obtaining
the best performance of a short antenna. This kind of antennas
could perform very close to a standard quarter-wave monopole if
they work with optimum dimensions. For these reasons, a short
antenna and the corresponding artificial ground plane have been
analyzed modifying the number of radials and their lengths, in
order to achieve an optimum performance or to obtain maximum
field strength on several soil conditions of the earth surface.

A very simple and efficient antenna could be obtained, giving
to the broadcast and communication community a product that
could fulfill the required performance to radiate a high quality
AM or digital transmission on MF band, and good speech quality
on LF band.
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Fig. 1. Top-loaded antennas.

I. INTRODUCTION

IN a previous paper [1] several problems concerning short
antennas have been pointed out.

Efficiency and gain of short antennas have been focused
here, in order to determine the importance of those factors
affecting the radiation properties of these radiators [12], [14].
These factors are taken into account within the low frequency
(150 − 250 kHz) and medium frequency (535 − 1705 kHz)
broadcast bands.

The most important factors affecting the antenna efficiency
are the wire resistance, the insulator equivalent loss resistance
and the ground plane equivalent loss resistance.

These factors are responsible of the antenna efficiency,
because they dissipate part of the antenna input power and,
for this reason, the antenna gain can be much smaller than the
antenna directivity.

It was pointed out that the antenna directivity is an antenna
natural property, and it depends on the antenna radiation
pattern, which is close to the elevation angle cosine function
(cosα or sin θ) in the case of a short monopole, like a top-
loaded antenna (see (116) in Appendix C).

The monopole top-load does not modify the antenna radia-
tion pattern, but it only modifies the antenna current distribu-
tion.

In general, insulator equivalent loss resistance is relatively
less important than the wire resistance or the ground plane
equivalent loss resistance and, for this reason, it can practically
be ignored in the efficiency calculation.

Wire resistance can easily be obtained using the high
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Fig. 2. Sketch of a top-loaded antenna and its wire currents.

Fig. 3. Sketch of the top-loaded antenna equivalent transmission lines and
their currents and voltages.

frequency resistance expression, where the skin effect is taken
into account. Under these circumstances, the ground plane
equivalent loss resistance is of paramount importance, and its
determination constitutes a very difficult task.

In the case of a monopole antenna, the ground plane under
it, to be taken into account, is not only the artificial ground
plane laid down with metallic radials, but also the natural
soil from the radial ends to a distance of half-wavelength
from the monopole base or feeding point. Within this half-
wavelength radius, the ground plane currents are part of the
antenna electric circuit, and they are represented as a current I 0

flowing through the ground plane loss resistance in the antenna
equivalent circuit.

The dissipated power is calculated knowing the near tan-
gential magnetic field or the surface current density on this
ground plane, whose radius is half-wavelength.

Using the current distribution on the antenna vertical part,
the vector magnetic potential is calculated. Near and far
magnetic and electric fields are obtained from this potential.

Soil impedance is obtained from the electromagnetic theory
and the soil-metallic radials combination impedance using
the same technique as Abbott [16]. These parameters, soil
resistance and near magnetic field, permit the ground plane
dissipated power calculation. Then, the ground plane equiv-
alent loss resistance can be determined from this dissipated
power and from the antenna effective input current.

The ground plane equivalent loss resistance is generally
not calculated by the standard softwares. Nevertheless, this
parameter is very important to calculate the antenna efficiency.

Antenna current distributions on the vertical part and on the
top-load are determined quite accurately using the equivalent
transmission line theory, and the tip voltages can also be
determined from it.

Interesting results were obtained from the determination
of the resonant antenna dimensions for different top-loading
conditions. These results permit the choice of the more
economical antenna or the antenna whose bandwidth and
gain are better approaching the transmission necessities. The
determination of these parameters permits a clear vision of the
antenna possibilities and limitations, according to the antenna
height and operation frequency.

II. TOP-LOADED ANTENNAS

It is well known that short monopole antennas have a
linear current distribution when their heights are lower than
0.15 λ and a zero current at the top. Under these conditions,
the radiation resistance depends on the following expression,
determined from the power density space integration or the
antenna total radiated power, divided by the square of the
effective input current [4]. Then,

Rrad = 40 π2

(
H
λ

)2

(1)

Also

Rrad = 10 (βH)2 (2)

Where
Rrad is the antenna radiation resistance [Ω].
H is the antenna height [m].
λ is the wavelength [m].
β = 2 π/λ is the space phase constant or wave number

[rad/m].

These expressions can be obtained from any antenna book
[4], [5], [6], [7].

This radiation resistance is quite small when the ratio H/λ
is less than 0.1. This is due to the small area of the current
distribution along the antenna, calculated from the base to the
top. In this case, the current distribution area is the area of a
triangle βH in height and the antenna input current I 0 as the
triangle base. The top current It is, of course, a null.

In order to increase the current distribution area, a top-load
is used. In this specific case, the top current It is not a null
and it depends on the top-loading conditions.
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The top-load is built up using one (n = 1) or several
(n > 1) branches installed parallel to the surface of the earth
and connected to the top of the antenna vertical wire.

If the top-load consists of only one branch (n = 1), an
Inverted-L antenna is obtained.

If two branches are used (n = 2), a T antenna is obtained
and if the branch quantity is four (n = 4), the antenna is
called an X antenna. Otherwise, a Star antenna is obtained.
This kind of antennas can be seen in Fig. 1.

III. ANTENNA INPUT IMPEDANCE

In Fig. 2 a sketch of an n-branch top-loaded antenna and
its image under the ground plane can be seen. Since currents
flowing on the vertical part of the antenna and its image are
in phase, it follows that they will produce a net field intensity
close and far away in the surrounding space. Currents flowing
on the top-load and its image are out of phase and, because of
the short distance in wavelengths between them (2 H � λ),
the net field intensity in the surrounding space is practically
zero and they do not make any contribution to the antenna
radiated power.

The current distribution on the antenna vertical wire starts
as the base current I0, at the antenna base, and ends as the
top current It, at the antenna top. For an n-branch top-loaded
antenna, the current distribution on any branch starts as I t/n,
at the antenna top, and, finally, goes down to zero at the tip
of the top-load wires, IL = 0.

In order to determine the antenna input impedance the
transmission line technique can be used. The equivalent trans-
mission lines, corresponding to the antenna top-load, depend
on the antenna type. In Fig. 3 a sketch of the antenna
equivalent transmission lines can be seen, where the current
and voltage distributions are indicated.

In the Inverted-L antenna case (n = 1), only one transmis-
sion line is attached to the top of the antenna vertical wire. In
the other cases, there are several transmission lines or branches
(n > 1), depending on the antenna type, and they will be
connected in parallel to the antenna top.

Each top-load branch transmission line can be made up of
one (nc = 1) or several wires (nc > 1), taking into account
the potential gradient when high power is employed.

The characteristic impedance of the top-load, considered as
a transmission line, can be calculated using the logarithmic po-
tential theory. If one wire is used (nc = 1), the corresponding
characteristic impedance Z0t is given by [3]

Z0t = 60 ln
(

2 H
a

)
(3)

Where
H is the antenna height [m].
a is the wire radius [m].

The antenna vertical wire can also be considered as another
transmission line, with an average characteristic impedance
Z0m given by [3]

Z0m = 60 ln
(

H
a

)
(4)

For the antenna vertical wire, there are several expres-
sions that can be used to calculate the average characteristic
impedance, and all of them give results very close to those
obtained here [2], [3].

The input impedance at the top of the antenna, looking along
the top-load, is equivalent to the input impedance of n open
end low loss transmission lines in parallel. Therefore,

Zt = jXt = −j
Z0t

n tanβL
(5)

Where
Zt is the antenna top impedance [Ω].
Xt is the antenna top reactance [Ω].
Z0t is the top-load characteristic impedance [Ω].
L is the top-load length [m].
n is the number of top-load branches.
β = 2 π/λ is the space phase constant or wave number

[rad/m].

Knowing the antenna top reactance Xt, the antenna top-load
capacitance can easily be found as follows

Ct =
1

2 π f | Xt | [F] (6)

Where f is the operation frequency [Hz].
The antenna input impedance Za is equal to the top

impedance Zt translated to the antenna input terminals.
If the transmission lines are considered to be of low losses,

the input impedance will be a pure reactance, nevertheless, the
real part of this impedance depends on the antenna radiation
resistance and other losses.

Then, the antenna input impedance will be

Za = Ra + jXa (7)

Where
Za is the antenna input impedance [Ω].
Ra is the real part of the antenna input impedance [Ω].
Xa is the antenna input reactance [Ω].

The real part of the antenna input impedance, Ra, depends
on the antenna radiation resistance Rrad and the equivalent
loss resistance Rloss. The loss resistance Rloss depends on
the conductor resistance Rc, the insulator equivalent loss
resistance Ri and the ground plane equivalent loss resistance
Rgp.

Therefore,

Ra = Rrad + Rloss (8)

Where

Rloss = Rc + Ri + Rgp (9)

In actual cases, using well designed insulators, R i is much
smaller than the other loss resistances, Rc and Rgp. For this
reason, a very small error is introduced in all calculations if
Ri is neglected (Ri

∼= 0).
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Fig. 4. Antenna geometry used to calculate the electromagnetic field in
cylindrical coordinates.

Radiation resistance Rrad, conductor resistance Rc and
ground plane equivalent loss resistance Rgp will be determined
in Sections VII, VIII and IX, respectively.

Antenna reactance Xa, according to the transmission line
theory [8], [9], is given by

Xa = Z0m
Z0m tan βH + Xt

Z0m − Xt tanβH
(10)

Where
Xa is the antenna input reactance [Ω].
Z0m is the antenna average characteristic impedance [Ω].
Xt is the antenna top reactance [Ω].
H is the antenna height [m].

The top-loaded antenna is resonant if Xa = 0. Under this
condition, the top reactance Xt becomes

Xt = −Z0m tan βH (11)

Taking into account (5), the length of each top-load branch,
for a resonant antenna, becomes

Lres =
λ

2 π
arctan

(
Z0t

n Z0m tanβH

)
(12)

In most cases, it is very important to built up a self-resonant
antenna, because the input voltage is very small compared to
a series inductance resonant antenna, where the input voltage
is Q times the applied voltage. This condition can be fulfilled
choosing a proper top-load length (L = L res) for any antenna
height.

It is interesting to notice that the top reactance Xt and
capacitance Ct of any resonant top-loaded antenna, at a
given frequency, are of the same value and independent of
the top-load type. They depend only on the self-resonant
antenna height.

IV. ANTENNA CURRENT DISTRIBUTION

The current distribution on the antenna vertical wire, con-
sidered as a piece of transmission line (see Appendix A), will
be

I(z) = I0

(
cosβz +

Xa

Z0m
sinβz

)
0 ≤ z ≤ H (13)

The top current, It = I(z = H), is

It = I0

(
cosβH +

Xa

Z0m
sin βH

)
(14)

Then, the top to base current ratio, It/I0, is given by

It
I0

= cosβH +
Xa

Z0m
sin βH (15)

The current distribution on the top-load will be

I(ρ) =
It
n

(
cosβρ − sin βρ

tan βL

)
0 ≤ ρ ≤ L (16)

The tip current of the top-load is IL = I(ρ = L) = 0.
In general, a resonant antenna is convenient to be chosen

(Xa = 0) modifying the top-load length to L = L res.
In this case, the current expressions are simplified. There-

fore,

I(z) = I0 cosβz 0 ≤ z ≤ H (17)

It = I0 cosβH (18)

It
I0

= cosβH (19)

I(ρ) =
It
n

(
cosβρ − sin βρ

tanβLres

)
0 ≤ ρ ≤ Lres (20)

V. ANTENNA VOLTAGE DISTRIBUTION

The voltage distribution is important in order to know the
top voltage and the voltage at the tips of the top-load wires.
These voltages permit to choose the convenient insulators to
support the top wires.

The voltage distribution on the antenna vertical wire is given
by (see Appendix A)

V(z) = j I0 (Xa cosβz − Z0m sin βz) 0 ≤ z ≤ H (21)

The voltage at the antenna top, Vt = V(z = H), is

Vt = j I0 (Xa cosβH − Z0m sinβH) (22)

The voltage distribution on the top-load wires becomes

V(ρ) = j It

(
Xt cosβρ − Z0t

n
sinβρ

)
0 ≤ ρ ≤ L (23)

Where It is given by (14) and Xt by (5).
The top-load wire tip voltage, VL = V(ρ = L), becomes
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Fig. 5. Inverted-L antenna space impedance at 200 kHz.

VL = j It

(
Xt cosβL − Z0t

n
sin βL

)
(24)

When the antenna is resonant (Xa = 0), the voltage
expressions are simplified. Therefore,

V(z) = −j I0 Z0m sinβz 0 ≤ z ≤ H (25)

Vt = −j I0 Z0m sin βH (26)

V(ρ) = −j I0 cosβH
(

Z0m tan βH cosβρ +
Z0t

n
sinβρ

)
(27)

0 ≤ ρ ≤ Lres

VL = −j I0
Z0t cosβH
n sin βLres

(28)

It is interesting to observe that the tip voltage VL decreases
as the number of branches n of the top-load increases. For this
reason, the Inverted-L antenna has the maximum tip voltage
VL, while the top voltage Vt is the same for any resonant
top-loaded antenna of height H.

VI. ELECTROMAGNETIC FIELDS

A. Near Field
The general procedure is used to calculate the electromag-

netic fields around a resonant top-loaded antenna. For instance,
the magnetic vector potential can be calculated taking into
account the current distribution on the antenna vertical wire,
I(z) = I0 cosβz, because this is the only current that produces
the net electromagnetic field.

The antenna geometry used to calculate the electromagnetic
field can be seen in Fig. 4, where, as a first approximation,
the ground plane conductivity σ is considered to be infinite.

Under this condition, the magnetic vector potential in free
space, according to the current distribution, has only one
component in the z-direction, that is

Az =
μ0

4 π

∫ H

−H

I(z′)
e−jβR

R
dz′ (29)

Where R =
√

(z − z′)2 + ρ2 is the distance from the
antenna current element I(z′) dz′ to the observation point
(ρ, φ, z).

In Appendix B the magnetic vector potential has been
obtained, so the magnetic field H can be calculated using the
following classical expression:

H =
1
μ0

rotA (30)

In cylindrical coordinates,

Hφ = − 1
μ0

∂Az

∂ρ
(31)

Thus, for a resonant top-loaded antenna, the magnetic field
intensity on the ground plane, at z = 0, becomes

Hφ =
I0
2 π

e−jβr1

ρ

(
H
r1

cosβH + j sinβH
)

(32)

Where r1 =
√

H2 + ρ2 is the distance from the antenna top
to a point on the ground surface, and ρ is the distance from
the antenna base to the same point.

This is the magnetic field corresponding to a perfectly con-
ducting ground plane. The actual magnetic field is practically
of the same value close to the antenna base, as measurements
indicate [17], because it is not appreciably affected by the
finite soil conductivity [10], [11].

The electric field intensity E is obtained by means of the
Maxwell equation

rotH = jω ε0 E (33)

Thus, for a resonant top-loaded antenna, the electric field in-
tensity on the earth surface, at z = 0, has only one component
Ez for a perfectly conducting ground plane. Therefore,

Ez =
j I0 e−jβr1

2 π ε0 ω

(
H cosβH

r31
+

jβH cosβH
r21

− β sinβH
r1

)
(34)

The near magnetic and electric fields on the earth surface,
Hφ and Ez, are clearly more complex functions of the radial
distance ρ than in the case of the Hertz monopole, where H
is infinitesimal.

When the ground plane is not perfectly conducting, the
electric field develops a small radial component Eρ. This
electric field component Eρ is related to the magnetic field
Hφ as follows

Eρ =
{ −Zg Hφ for 0 < ρ < R0

−Zs Hφ for ρ > R0
(35)

Where
Zg is the parallel impedance of the soil and ground screen

[Ω].
Zs is the soil impedance [Ω].
R0 is the metallic ground screen radius [m].

The Eρ and Hφ field components produce a wave that
propagates into the soil under the antenna and is dissipated
as heat.
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Fig. 6. Sketch of one instant near electric field and ground plane conduction
currents.

B. Wave Impedance
The ratio between the near electric and magnetic fields, E z

and Hφ, is the wave impedance Z0 just above the earth surface
in the air.

The wave impedance is a complex magnitude, almost purely
imaginary very close to the antenna and almost a real magni-
tude at the distance of half-wavelength from the antenna base.
This can be seen as an example in Fig. 5.

This is a good representation of the antenna behavior, and it
means that the half-wavelength radius space surrounding the
antenna is part of the wave generator (oscillator). The antenna
is not only the conductive wires, but a hemispherical free space
wave generator half-wavelength in radius.

Through this hemispherical surface, a wave is radiated into
the surrounding free space. The earth area under this hemisfer-
ical space is a circle, which is very important, because all the
conductive currents flowing on it are part of the antenna circuit
and, for this reason, it must have the maximum conductivity in
order to achieve the maximum antenna efficiency. This circle
is half-wavelength in radius, as can be seen in Fig. 6.

For this reason, in order to calculate the antenna
efficiency, it is very important to take into account the
power dissipated by the near field on this circular surface.

The wave impedance Z0 is a relationship that changes its
real and imaginary parts as a function of the distance from
the antenna base. Near to half-wavelength, its value is almost
purely real and close to the resistive 377 Ω of the free space
intrinsic impedance Z00. This is an indication of a radiated
wave, where the power density is practically real or active,
flowing through the hemispherical surface.

C. Far Field
For broadcast use, in low and medium frequencies, field

intensity on the surface of the earth is of interest and, as a
first approximation, a planar earth can be considered.

Fig. 7. Top-loaded antenna current distributions and their equivalent areas.

Under this condition, the electromagnetic far field intensities
can be obtained from the near field expressions (32) and (34),
considering that ρ � H, r1 =

√
H2 + ρ2 ∼= ρ and neglecting

the terms in 1/ρ2 and 1/ρ3 in favor of the terms in 1/ρ.
Therefore, for a resonant top-loaded antenna, it follows that

Hφ = j
I0
2 π

e−jβρ

ρ
sin βH (36)

Ez = −j
β

ε0 ω

I0
2 π

e−jβρ

ρ
sin βH (37)

Where ρ is the distance from the antenna base to the far
field observation point on the earth, at z = 0.

In the case of a very short top-loaded antenna, βH � 1
and sinβH ∼= βH, then the far field expressions are exactly
the same of the Hertz monopole.

Taking into account that β/ωε0 is the free space intrinsic
impedance Z00, the electric field intensity will be

Ez = −j Z00
I0
2 π

e−jβρ

ρ
sin βH (38)

or

Ez = −Z00 Hφ (39)

Therefore, the obtained vector field intensities are

H = 1φ Hφ (40)

E = −1z Z00 Hφ (41)

These fields are the no attenuated radiated fields, because
they depend only on the inverse distance law. The actual
field intensities along the earth are affected by the physical
constants of the soil and the diffraction due to the spherical
earth [13].

The power density, P = (1/2)E× H�, becomes
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P = (−1z × 1φ)
1
2

Z00 | Hφ |2 (42)

or

P = 1ρ
1
2

Z00 | Hφ |2 = 1ρ Pρ (43)

It can be seen that the power density P is pointing outward,
i.e. the antenna generated wave is an outgoing wave.

In the far field, the ratio between the electric and magnetic
field intensities is the free space impedance, Z00 = 377 Ω.
This ratio is clearly obtained at a distance greater than half-
wavelength from the antenna base.

In Appendix C the far field expressions in the upper
hemisphere and in spherical coordinates are obtained.

VII. RADIATION RESISTANCE

The well known Hertz monopole is a top-loaded monopole
with a constant current distribution. In this case, the radiation
resistance is given by [4]

Rrad = 160 π2

(
H
λ

)2

(44)

Also

Rrad = 40 (βH)2 (45)

Where
Rrad is the antenna radiation resistance [Ω].
H is the antenna height [m].
λ is the wavelength [m].
β = 2 π/λ is the space phase constant or wave number

[rad/m].

In Fig. 7.a) the current distribution area of the Hertz
monopole can be seen.

If the base current is normalized, I0 = 1 [A], and the antenna
height is H in meters or βH in radians, the current distribution
area A, normalized to 1 Ampere, is given by

A = I0 βH = βH (46)

The radiation resistance of any current distribution is pro-
portional to the square of the area [3], that is

Rrad = K A2 (47)

In the Hertz monopole case, the constant K is equal to 40,
because the squared area is A2 = (βH)2 in (45). Then, for
any other antenna, the radiation resistance will be

Rrad = 40 A2 (48)

In the case of a short monopole with no top-load (Fig. 7.b),
the normalized current distribution area is A = βH/2, so the
radiation resistance will be

Rrad = 40
(

βH
2

)2

= 10 (βH)2 (49)

For any other top-loaded antenna (Fig. 7.c), the normalized
current distribution area is given by

A =
βH
2

(
1 +

It
I0

)
(50)

Therefore, the radiation resistance for any top-loaded an-
tenna will be

Rrad = 40
[
βH
2

(
1 +

It
I0

)]2

(51)

or

Rrad = 10 (βH)2
(

1 +
It
I0

)2

(52)

Also

Rrad = 40 π2

(
H
λ

)2 (
1 +

It
I0

)2

(53)

This is the radiation resistance expression to be used for
any top-loaded antenna, where It/I0 is given by (15).

If the antenna is resonant, Xa = 0, L = Lres (12) and
It/I0 = cosβH (19). Then, the radiation resistance of any
resonant top-loaded antenna, including the Hertz monopole
(βH � 1 and cosβH ∼= 1), will be
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Rrad = 40π2

(
H
λ

)2

(1 + cosβH)2 (54)

This simple expression can successfully be used instead of
the exact expression due to a very small error introduced in
all calculations.

In Appendix E the exact expression for the radiation re-
sistance has been determined and in Table XV a comparison
between both expressions can be seen.

VIII. WIRE LOSS RESISTANCE

Antenna vertical wire and top-load wires do not have infinite
conductivity. For this reason, the conductor or wire loss
resistance Rc must be calculated taking into account the wire
conductivity σc and the wire equivalent radius a, according to
the current distribution on the antenna vertical wire and on the
top-load wires.

The wire loss resistance dissipates part of the antenna input
power, and can be placed in series with the radiation resistance
in the antenna equivalent circuit.

Conductor resistance per unit length R l can be calculated by
means of the following expression, which takes into account
the skin effect [4], that is
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Fig. 12. Artificial ground plane resistance as a function of distance
ρ, for different numbers of radials N and over average soil, at 1 MHz.
(σ = 10−2 S/m, εr = 10).
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Fig. 13. Artificial ground plane reactance as a function of distance ρ,
for different numbers of radials N and over average soil, at 1 MHz.
(σ = 10−2 S/m, εr = 10).

Rl =
1
a

√
f μ0

4 π σc
(55)

For a resonant top-loaded antenna, permeability of free
space, μ0 = 4π · 10−7 [H/m], and copper conductivity,
σc

∼= 5.8 · 107 [S/m], the last expression becomes

Rl =
4.16
a

√
f · 10−8 [Ω/m] (56)

The power dissipated in the resonant antenna conductors,
Wc, taking into account the current distribution, is given by

Wc =
1
2

∫ H

0

I2(z)Rl dz +
n
2

∫ Lres

0

I2(ρ)Rl dρ (57)

The first term of this expression is the power dissipated in
the antenna vertical wire, while the second one is the power
dissipated in the antenna n top-load branches.

The wire loss resistance Rc will be

Rc =
2 Wc

I20
(58)

or
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Fig. 14. View of the ground plane used to calculate the soil dissipated power.

Rc =
Rl

I20

(∫ H

0

I2(z) dz + n
∫ Lres

0

I2(ρ) dρ

)
(59)

The integrals in this expression can be solved analytically
and can be seen in Appendix F.

In Fig. 8 the wire loss resistance Rc for different resonant
top-loaded antennas can be seen as a function of the antenna
height at the frequency of 200 kHz and for a single (n c = 1)
copper conductor 6 mm in radius.

Also, in Fig. 9 the wire loss resistance Rc for different
resonant top-loaded antennas can be seen as a function of the
antenna height at the frequency of 1 MHz and for a single
(nc = 1) copper conductor 6 mm in radius.

From these figures, it is interesting to observe that, for
any height (H/λ), the wire loss resistance for the resonant
Inverted-L antenna (n = 1) is practically constant.

IX. GROUND PLANE

Previously, it was pointed out that a monopole antenna
is equivalent to a hemispherical surface, where the wave
generator is placed. This hemispherical surface has a radius
of half-wavelength. The corresponding ground plane, where
the conduction currents are flowing, is the circular surface
of the earth soil. This circular surface is half-wavelength in
radius, and it is used to calculate the power dissipated by
the conductive currents due to the finite ground conductivity.
Within this surface, all the ground currents are part of the
antenna electric circuit and, for this reason, this is the area to
be taken into account, and not only the surface occupied by
the artificial ground plane metallic radials.

Therefore, within this half-wavelength radius circular sur-
face there are two zones,

(a) The artificial ground plane zone [15], [16], where the
metallic radials are buried, for the distance ρ varying
in the range 0 ≤ ρ ≤ R0.

(b) The natural ground plane zone, for the distance ρ
varying in the range R0 ≤ ρ ≤ λ/2.

A. Ground Plane Impedance
From the electromagnetic theory, it is well known that a

medium, like the soil, can be a conductor or a dielectric,
depending on the ratio σ/ωε, where σ is the soil conductivity,
ε is the soil permittivity, ω = 2 π f and f is the operation
frequency.

For any non-magnetic medium (μ = μ0) like the earth
soil, the impedance Zs can be calculated from the physical
constants, σ and ε, as follows [4]

Zs = Rs + jXs =

√
jω μ0

σ + jω ε
(60)

This is the impedance of the natural ground plane.
When a star of N conductive radials or ground screen is laid

down into the soil, in order to increase the soil conductivity,
the impedance of this screen is given by [16]

Zr(ρ) = jXr = j 2 f μ0 ρ sin
( π

N

)
ln

[
ρ

π a0
sin

( π

N

)]
(61)

0 ≤ ρ ≤ R0

Where
Zr(ρ) is the screen impedance at the distance ρ from the

antenna base [Ω].
f is the operation frequency [Hz].
ρ is the distance from the star center [m].
N is the number of radials.
a0 is the radius of the radial conductors [m].
R0 is the radius of the star or ground screen [m].

Placing both impedances Zs and Zr in parallel, the artificial
ground plane impedance Zg will be

Zg = Rg + jXg =
Zs Zr

Zs + Zr
(62)

This expression is valid between the star center, at ρ = 0,
and the distance ρ = R0. Beyond this point, the impedance is
that of the natural soil Zs.
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Fig. 15. Ground plane equivalent loss resistance for a resonant
Inverted-L antenna over average ground as a function of the artificial
ground plane radius R0 at 200 kHz, and for different radial numbers.
(n = 1, nc = 1, H = 105 m, Lres = 276.2 m, a = 6 · 10−3 m,
σ = 10−2 S/m, εr = 10).
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Fig. 16. Ground plane equivalent loss resistance for a resonant
Inverted-L antenna over average ground as a function of the artificial
ground plane radius R0 at 1 MHz, and for different radial numbers.
(n = 1, nc = 1, H = 21 m, Lres = 55.46 m, a = 6 · 10−3 m,
σ = 10−2 S/m, εr = 10).

In Figs. 10 and 11 an example of the artificial ground plane
impedance can be seen for the LF band center frequency of
200 kHz.

In Figs. 12 and 13 an example of the artificial ground plane
impedance can be seen for the MF band center frequency of
1 MHz.

It is interesting to note that the artificial ground plane
impedance, Zg = Rg + jXg, is increasing as the distance ρ is
increasing, due to the divergence of the star wires.

B. Ground Plane Power Loss
The antenna currents flowing on the ground plane are

dissipating power, due to the finite soil conductivity or losses.
This dissipated power can be calculated knowing the near
magnetic field H, which is equal to the surface current density
Jsu on the soil.

In Fig. 14 a view of the ground plane used to calculate
the ground plane dissipated power can be seen. The ground
plane dissipating power surface is made up by two surfaces,
the artificial ground plane surface Σg with the buried metallic
radials, and the natural ground plane surface Σ s up to a
distance ρ of half-wavelength.

Thus, the ground plane dissipated power is given by

Wd =
1
2

∫
Σg

| Jsu |2 Rg dσg +
1
2

∫
Σs

| Jsu |2 Rs dσs (63)

Where
Wd is the power dissipated in the ground plane [W].
Jsu is the surface current density [A/m].
Σg is the surface of the artificial ground plane for

0 ≤ ρ ≤ R0.
Rg is the real part of the artificial ground plane impedance

Zg [Ω].
Σs is the surface of the natural ground plane for

R0 ≤ ρ ≤ λ/2.
Rs is the real part of the natural ground plane impedance

Zs [Ω].

The surface current density Jsu is equal to the near magnetic
field Hφ (32) on the artificial and natural ground planes.
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Fig. 17. Ground plane equivalent loss resistance for a resonant Inverted-L
antenna as a function of frequency, for different antenna heights and over
an average ground, for LF band. (n = 1, nc = 1, a = 6 · 10−3 m,
R0 = 0.05λ, N = 30, σ = 10−2 S/m, εr = 10).

Then, taking into account the cylindrical symmetry, the
dissipated power becomes

Wd = π

(∫ R0

0

| Hφ |2 Rg ρ dρ +
∫ λ/2

R0

| Hφ |2 Rs ρ dρ

)
(64)

The first integral is the power dissipated in the artificial
ground plane surface Σg and the second one is the power
dissipated in the natural ground plane surface Σ s.

C. Ground Plane Equivalent Loss Resistance
The ground plane equivalent loss resistance Rgp is necessary

to be known, because it is an important factor in the antenna
electric circuit, and it permits the calculation of the total
equivalent loss resistance Rloss in (9).

The ground plane equivalent loss resistance Rgp is given by
the ratio between the power dissipated in the ground plane and
the square of the antenna effective input current. Therefore,

Rgp =
2 Wd

I20
(65)

Where I0 is the peak value of the antenna input current.
From (64) and (65), it follows that

Rgp =
2π

I20

(∫ R0

0

| Hφ |2 Rg ρ dρ +
∫ λ/2

R0

| Hφ |2 Rs ρ dρ

)
(66)

The first integral cannot be evaluated in closed form, and it
will be resolved numerically. The second one can be evaluated
analytically and is given in Appendix G.

The ground plane equivalent loss resistance Rgp depends
on the antenna height H, the number of radials N, the radius
R0 of the artificial ground plane and the physical constants of
the soil under the antenna.

In Figs. 15 and 16 the ground plane equivalent loss re-
sistance Rgp has been calculated for a resonant Inverted-L
antenna. As an example, this resistance can be seen as a
function of the artificial ground plane radius R0, for different
radial numbers N, at the frequencies of 200 kHz and 1 MHz
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Fig. 18. Ground plane equivalent loss resistance for a resonant Inverted-L
antenna as a function of frequency, for different antenna heights and over
an average ground, for MF band. (n = 1, nc = 1, a = 6 · 10−3 m,
R0 = 0.25λ, N = 120, σ = 10−2 S/m, εr = 10).
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Fig. 19. Ground plane equivalent loss resistance for a resonant Inverted-L
antenna as a function of frequency and for different soil physical conditions.
(n = 1, nc = 1, H = 0.07λ, a = 6 · 10−3 m, R0 = 0.01λ, N = 180).

and over average ground. These frequencies are representative
of the low (150 − 250 kHz) and medium (535 − 1705 kHz)
broadcast AM bands. In these figures, N = 0 corresponds to
the bare soil.

In Figs. 17 and 18 the ground plane equivalent loss resis-
tance Rgp has been calculated for a resonant Inverted-L an-
tenna, as a function of frequency for different antenna heights,
over an average ground, and for the low (150−250 kHz) and
medium (535 − 1705 kHz) frequency bands.

In Fig. 19 the ground plane equivalent loss resistance Rgp

has been calculated for a resonant Inverted-L antenna
(H = 0.07λ), over a very small artificial ground plane
(R0 = 0.01λ), as a function of frequency and for different soil
physical conditions. This is a good representation of the effect
of the soil on the ground plane equivalent loss resistance Rgp

to be included in the antenna equivalent series circuit, when
practically no artificial ground plane is used.

X. RESONANT ANTENNA INPUT RESISTANCE

Antenna input resistance Ra can be calculated as the sum
of the three main antenna resistances, or radiation resistance
Rrad, wire loss resistance Rc and ground plane equivalent loss
resistance Rgp (Ra = Rrad + Rc + Rgp).

In Figs. 20 and 21 the resonant X antenna input resistance
has been calculated for the frequencies of 200 kHz and 1 MHz,
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Fig. 20. Resonant X antenna input resistance as a function of the antenna
height and for different numbers of radials N at 200 kHz. (n = 4, nc = 1,
a = 6 · 10−3 m, R0 = 0.05λ, a0 = 1.5 · 10−3 m, σ = 10−2 S/m,
εr = 10).
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Fig. 21. Resonant X antenna input resistance as a function of the antenna
height and for different numbers of radials N at 1 MHz. (n = 4, nc = 1,
a = 6 · 10−3 m, R0 = 0.25λ, a0 = 1.5 · 10−3 m, σ = 10−2 S/m,
εr = 10).

as a function of the antenna height, for different artificial
ground plane radial numbers and average soil.

In the medium frequency case, the zero radial number result
corresponds to the bare soil. In the low frequency case, the
zero and four radial numbers have practically the same result.

In Fig. 22 an example of the antenna equivalent series
electric circuit can be seen for a resonant X antenna, with a
quarter-wave 120 radials artificial ground plane over average
soil, at a frequency of 1 MHz.

The calculated radiation resistance is Rrad = 7.02 Ω,
conductor resistance Rc = 0.15 Ω, ground plane equivalent
loss resistance Rgp = 0.72 Ω, efficiency η = 0.89, gain
G = 4.26 dBi, an effective current I0ef = 11.3 A and input
voltage V0ef = 88.5 V for an input power Win = 1 kW.

XI. ANTENNA EFFICIENCY AND GAIN

Antenna efficiency η is determined as the ratio between the
antenna radiated power Wrad and the antenna input power
Win. Both powers are calculated using the square of the
antenna effective input current. Therefore,

η =
Wrad

Win
(67)

Then
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Fig. 22. Resonant X antenna equivalent circuit at 1 MHz. (n = 4, nc = 1,
H = 21 m, Lres = 25 m, a = 6 · 10−3 m, R0 = 75 m, N = 120,
a0 = 1.5 · 10−3 m, σ = 10−2 S/m, εr = 10).
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Fig. 23. Resonant X antenna gain as a function of the antenna height and
for several soil conditions at 200 kHz. (n = 4, nc = 1, a = 6 · 10−3 m,
R0 = 75 m, N = 30, a0 = 1.5 · 10−3 m).

η =
Rrad

Ra
(68)

Where Ra = Rrad + Rc + Rgp is the antenna input
resistance, and the insulator equivalent loss resistance R i has
been neglected.

The monopole antenna directivity D depends on the antenna
far field radiation pattern and, in spherical coordinates, it is
defined as

D =
4 π Pmax∫ 2π

0 dφ
∫ π/2

0 P(θ, φ) sin θ dθ
(69)

Where P is the antenna radiated power density.
For a short top-loaded antenna, the directivity D is practi-

cally equal to 3 or D = 4.77 dBi (see Appendix D).
The antenna gain G depends on the directivity D and

efficiency η, and it is given by

G = η D (70)

These antenna efficiency and gain have been calculated for
several top-loaded antennas, for different frequencies and soil

TABLE I
INVERTED-L ANTENNA EFFICIENCY AND GAIN.
f = 200 kHz, H = 105 m, R0 = 75 m, N = 30.

σ εr η G

S/m — — dBi
10−3 4 0.585 2.44

10−2 10 0.743 3.48

3 · 10−2 20 0.789 3.74

5 80 0.897 4.30

TABLE II
T ANTENNA EFFICIENCY AND GAIN.

f = 200 kHz, H = 105 m, R0 = 75 m, N = 30.

σ εr η G

S/m — — dBi
10−3 4 0.594 2.51

10−2 10 0.758 3.57

3 · 10−2 20 0.806 3.84

5 80 0.919 4.41

conditions, in both the low and medium frequency broadcast
bands.

As an example, in Fig. 23 the resonant X antenna gain was
calculated at the frequency of 200 kHz as a function of the
antenna height H/λ and for several soil conditions. In low
frequency band, the artificial ground plane radius R 0 is equal
to 0.05λ (R0 = 75 m at 200 kHz) and the number of radials
is N = 30.

In Table I the resonant Inverted-L antenna efficiency and
gain, for H = 0.07λ, have been calculated at the frequency of
200 kHz and for several soil conditions.

In Table II the resonant T antenna efficiency and gain, for
H = 0.07λ, have been calculated at the frequency of 200 kHz
and for several soil conditions.

In Table III the resonant X antenna efficiency and gain, for
H = 0.07λ, have been calculated at the frequency of 200 kHz
and for several soil conditions.

In Fig. 24 the resonant X antenna gain can be seen as a
function of the antenna height, for different radial numbers N
and over average ground at 200 kHz.

In Fig. 25 a resonant X antenna gain was calculated at the
frequency of 1 MHz as a function of the antenna height H/λ
and for several soil conditions. In medium frequency band, the
artificial ground plane radius R0 is equal to 0.25λ

TABLE III
X ANTENNA EFFICIENCY AND GAIN.

f = 200 kHz, H = 105 m, R0 = 75 m, N = 30.

σ εr η G

S/m — — dBi
10−3 4 0.598 2.54

10−2 10 0.764 3.60

3 · 10−2 20 0.813 3.87

5 80 0.928 4.45
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TABLE IV
INVERTED-L ANTENNA EFFICIENCY AND GAIN.

f = 1.00 MHz, H = 21 m, R0 = 75 m, N = 120.

σ εr η G

S/m — — dBi
10−3 4 0.777 3.67

10−2 10 0.877 4.20

3 · 10−2 20 0.896 4.29

5 80 0.940 4.50

TABLE V
T ANTENNA EFFICIENCY AND GAIN.

f = 1.00 MHz, H = 21 m, R0 = 75 m, N = 120.

σ εr η G

S/m — — dBi
10−3 4 0.784 3.71

10−2 10 0.886 4.25

3 · 10−2 20 0.906 4.34

5 80 0.951 4.55

(R0 = 75 m at 1 MHz) and the number of radials is N = 120.
In Table IV the resonant Inverted-L antenna efficiency and

gain, for H = 0.07λ, have been calculated at the frequency of
1 MHz and for several soil conditions.

In Table V the resonant T antenna efficiency and gain, for
H = 0.07λ, have been calculated at the frequency of 1 MHz
and for several soil conditions.

In Table VI the resonant X antenna efficiency and gain, for
H = 0.07λ, have been calculated at the frequency of 1 MHz
and for several soil conditions.

The small gain increase, in both low and medium frequency
bands, of the T and X antennas compared to the Inverted-L,
is due to the decreased wire loss resistance of the top-load
wires. This wire loss resistance decrease is due to the increase
of the top-load branches n, so the top-load current is divided
accordingly.

It is important to understand that the wire dissipated power
is proportional to the square of the current, so the smaller the
current, the much smaller the wire dissipated power and the
wire loss resistance.

The relative smaller gain of the top-loaded antenna in the
low frequency band, compared to the medium frequency band,
is due to the better artificial ground plane used in the latter.

In Fig. 26 the resonant X antenna gain can be seen as a

TABLE VI
X ANTENNA EFFICIENCY AND GAIN.

f = 1.00 MHz, H = 21 m, R0 = 75 m, N = 120.

σ εr η G

S/m — — dBi
10−3 4 0.787 3.73

10−2 10 0.890 4.26

3 · 10−2 20 0.909 4.36

5 80 0.955 4.57
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Fig. 24. Resonant X antenna gain as a function of the antenna height, for
different numbers of radials N and over average ground at 200 kHz. (n = 4,
nc = 1, a = 6 ·10−3 m, R0 = 75 m, a0 = 1.5 ·10−3 m, σ = 10−2 S/m,
εr = 10).
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Fig. 25. Resonant X antenna gain as a function of the antenna height and
for several soil conditions at 1 MHz. (n = 4, nc = 1, a = 6 · 10−3 m,
R0 = 75 m, N = 120, a0 = 1.5 · 10−3 m).

function of the antenna height and for different radial numbers
N, over average ground at 1 MHz.

In low frequency band (150−250 kHz), resonant X antenna
gain has been calculated as a function of number and length
of radials, as it can be seen in Tables VII, VIII and IX for
different soil conditions. This gain is quite similar (within
0.5 dB) in the cases of the Inverted-L and T antennas, and
these tables can be taken as a good reference.

In the case of dry soil (σ = 10−3 S/m, εr = 4), it can be
seen a gain increase of around 1 dB changing the artificial
ground plane from R0 = 0.05λ and N = 30 to R0 = 0.15λ
and N = 120.

It can be appreciated from these calculations that the in-
crease of the antenna gain is around 0.5 dB increasing the
ground plane from R0 = 0.05λ and N = 30 to R0 = 0.15λ
and N = 120 for an average soil (σ = 10−2 S/m, εr = 10).

In the case of wet soil (σ = 3 · 10−2 S/m, εr = 20),
the improvement in gain is less than 0.5 dB increasing the
ground plane in the same manner. In these last cases, the gain
improvement is quite small and it possibly does not pay the
investment in labor and materials, and it must carefully be
analyzed.

In medium frequency band (535 − 1705 kHz), resonant X
antenna gain has been calculated as a function of number N
and length of radials R0, as it can be seen in Tables X, XI
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Fig. 26. Resonant X antenna gain as a function of the antenna height, for
different numbers of radials N and over average ground at 1 MHz. (n = 4,
nc = 1, a = 6 ·10−3 m, R0 = 75 m, a0 = 1.5 ·10−3 m, σ = 10−2 S/m,
εr = 10).

TABLE VII
X ANTENNA GAIN G [dBi].

f = 200 kHz, H = 105 m, σ = 10−3 S/m, εr = 4.

R0/λ N = 4 N = 8 N = 30 N = 60 N = 120 N = 180
0.01 0.49 0.63 0.71 0.71 0.71 0.71
0.05 1.21 1.77 2.54 2.67 2.71 2.72
0.10 1.29 1.92 3.03 3.34 3.46 3.49
0.15 1.30 1.96 3.18 3.57 3.76 3.81
0.20 1.31 1.97 3.24 3.69 3.92 3.99
0.25 1.31 1.98 3.28 3.75 4.03 4.11
0.50 1.32 1.99 3.33 3.88 4.24 4.38

TABLE VIII
X ANTENNA GAIN G [dBi].

f = 200 kHz, H = 105 m, σ = 10−2 S/m, εr = 10.

R0/λ N = 4 N = 8 N = 30 N = 60 N = 120 N = 180
0.01 2.59 2.77 2.95 2.97 2.97 2.97
0.05 2.73 3.04 3.60 3.78 3.87 3.89
0.10 2.74 3.06 3.69 3.95 4.11 4.16
0.15 2.74 3.06 3.72 3.99 4.18 4.25
0.20 2.75 3.07 3.72 4.01 4.22 4.29
0.25 2.75 3.07 3.73 4.02 4.23 4.32
0.50 2.75 3.07 3.73 4.03 4.26 4.36

TABLE IX
X ANTENNA GAIN G [dBi].

f = 200 kHz, H = 105 m, σ = 3 · 10−2 S/m, εr = 20.

R0/λ N = 4 N = 8 N = 30 N = 60 N = 120 N = 180
0.01 3.20 3.35 3.54 3.57 3.58 3.58
0.05 3.26 3.46 3.87 4.03 4.12 4.15
0.10 3.26 3.47 3.91 4.10 4.24 4.29
0.15 3.26 3.47 3.91 4.12 4.27 4.33
0.20 3.26 3.48 3.92 4.12 4.28 4.35
0.25 3.26 3.48 3.92 4.13 4.29 4.36
0.50 3.26 3.48 3.92 4.13 4.30 4.38

TABLE X
X ANTENNA GAIN G [dBi].

f = 1 MHz, H = 21 m, σ = 10−3 S/m, εr = 4.

R0/λ N = 4 N = 8 N = 30 N = 60 N = 120 N = 180
0.01 -1.92 -1.87 -1.85 -1.85 -1.85 -1.85
0.05 -0.10 0.50 1.01 1.05 1.06 1.07
0.10 0.19 1.08 2.21 2.37 2.42 2.42
0.15 0.26 1.23 2.69 2.97 3.06 3.08
0.20 0.29 1.29 2.93 3.32 3.45 3.48
0.25 0.30 1.32 3.08 3.55 3.73 3.77
0.50 0.32 1.37 3.37 4.07 4.47 4.58

TABLE XI
X ANTENNA GAIN G [dBi].

f = 1 MHz, H = 21 m, σ = 10−2 S/m, εr = 10.

R0/λ N = 4 N = 8 N = 30 N = 60 N = 120 N = 180
0.01 1.36 1.50 1.57 1.58 1.58 1.58
0.05 1.93 2.41 3.09 3.21 3.25 3.26
0.10 1.98 2.52 3.47 3.73 3.84 3.86
0.15 1.99 2.55 3.57 3.91 4.07 4.11
0.20 1.99 2.55 3.62 3.99 4.19 4.25
0.25 2.00 2.56 3.64 4.04 4.26 4.33
0.50 2.00 2.57 3.68 4.12 4.42 4.53

and XII for different soil conditions.
It can be appreciated from these calculations that the in-

crease of the antenna gain is less than 1 dB increasing the
ground plane from R0 = 0.25λ and N = 30 to R0 = 0.25λ
and N = 120 for dry soil (σ = 10−3 S/m, εr = 4).

From N = 60 to N = 120 (R0 = 0.25λ), the increase
in gain is very small, around 0.2 dB for every soil and, for
this reason, the 120 radial case can be considered an optimum
artificial ground plane, especially for frequencies higher than
1 MHz.

Also, from these tables, an increase in the artificial ground
plane radius R0 more than 0.25λ is really not necessary, as it
can be appreciated, due to a very small increase in gain, less
than 0.5 dB. The same can be said for an increase in radial
number from N = 120 to N = 180.

In the case of very dry soil, it must be used the largest
artificial ground plane as possible or maximum radius R0 and
number of radials N, taking into account that the antenna

TABLE XII
X ANTENNA GAIN G [dBi].

f = 1 MHz, H = 21 m, σ = 3 · 10−2 S/m, εr = 20.

R0/λ N = 4 N = 8 N = 30 N = 60 N = 120 N = 180
0.01 2.36 2.52 2.64 2.65 2.65 2.65
0.05 2.62 2.99 3.59 3.74 3.79 3.80
0.10 2.64 3.03 3.76 4.02 4.15 4.18
0.15 2.65 3.04 3.81 4.10 4.27 4.32
0.20 2.65 3.04 3.82 4.13 4.32 4.39
0.25 2.65 3.05 3.83 4.15 4.36 4.43
0.50 2.65 3.05 3.85 4.18 4.42 4.52
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Fig. 27. Resonant Inverted-L antenna bandwidth as a function of the antenna
height and for different soil conditions at 200 kHz. (n = 1, nc = 1,
a = 6 · 10−3 m, R0 = 0.05λ, N = 30, a0 = 1.5 · 10−3 m).
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Fig. 28. Resonant T antenna bandwidth as a function of the antenna height
and for different soil conditions at 200 kHz. (n = 2, nc = 1, a = 6·10−3 m,
R0 = 0.05λ, N = 30, a0 = 1.5 · 10−3 m).

ground plane currents are reaching a maximum distance of
half-wavelength. This is not so important for high conductivity
soils, because the increase in gain is very small from the
optimum artificial ground plane.

XII. ANTENNA BANDWIDTH

The antenna bandwidth is defined according to a maximum
value of the reflection coefficient Γmax or maximum standing
wave ratio (VSWR) presented by the antenna input impedance
within the bandpass band, with respect to the antenna input
resistance at the center frequency f0.

Due to the small variation in the antenna input resistance
within the bandpass band, the antenna input reactance is
responsible of the antenna bandwidth and, for this reason, its
variation must carefully be taken under control. This input
reactance is a function of the top-load type and operation
frequency. The lower the frequency, the greater the input reac-
tance variation, and more difficult is to achieve the necessary
bandwidth for a broadcast transmission.

For a high fidelity AM transmission, a bandwidth of
±10 kHz minimum is necessary, and for a VSWR less than
1.25 should be the ideal.

This is a very difficult task to be achieved, especially in the
low frequency band. Bandwidth calculations have been carried
out for different top-loaded antennas, in both low and medium
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Fig. 29. Resonant X antenna bandwidth as a function of the antenna height
and for different soil conditions at 200 kHz. (n = 4, nc = 1, a = 6·10−3 m,
R0 = 0.05λ, N = 30, a0 = 1.5 · 10−3 m).
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Fig. 30. Resonant Inverted-L antenna bandwidth as a function of the
antenna height and for different soil conditions at 1 MHz. (n = 1, nc = 1,
a = 6 · 10−3 m, R0 = 0.25λ, N = 120, a0 = 1.5 · 10−3 m).

frequency bands, in order to determine if their behavior is
compatible with the previous task. For this reason, bandwidth
calculations for VSWR of 1.25, 1.50 and 2.00 have been
carried out on each band.

In the low frequency band (150 − 250 kHz), the antenna
bandwidths calculated at 200 kHz for the Inverted-L, T and X
antennas and for different soil conditions can be seen in Figs.
27, 28 and 29.

Clearly, the antenna impedance is very sharp and the VSWR
is very high at the specified bandwidth of ±10 kHz. This
problem does not permit a high fidelity transmission, but only
speech transmissions. At the same time, it can be seen that
the best result is obtained using the X antenna, because an
improved bandwidth is obtained compared to the L and T
antenna types. Using a top-load with more branches, like an
8-Star antenna, the bandwidth is quite similar to the X antenna,
and it does not pay the investment in wiring and support
towers.

In the medium frequency band (535 − 1705 kHz), the
antenna bandwidths calculated at 1 MHz for the Inverted-L
and T antennas and for different soil conditions can be seen
in Figs. 30 and 31.

From these figures, an improved bandwidth has been
achieved compared to the low frequency band behavior of
these antennas, nevertheless, for a low VSWR operation the
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Fig. 31. Resonant T antenna bandwidth as a function of the antenna height
and for different soil conditions at 1 MHz. (n = 2, nc = 1, a = 6 · 10−3 m,
R0 = 0.25λ, N = 120, a0 = 1.5 · 10−3 m).
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Fig. 32. Resonant X antenna bandwidth as a function of the antenna height
and for different soil conditions at 550 kHz. (n = 4, nc = 1, a = 6·10−3 m,
R0 = 0.25λ, N = 120, a0 = 1.5 · 10−3 m).

antenna impedance is still quite sharp. For the Inverted-L
antenna, it can be seen that a bandwidth of ±5 kHz is achieved
for a VSWR of 1.5 and, in the T antenna case, a bandwidth
of ±8 kHz is achieved for the same VSWR, for H = 0.08λ.

From previous calculations, the X antenna has an improved
bandwidth compared to both the Inverted-L and T antennas.
For this reason, the X antenna bandwidth was calculated, and
it is shown in Figs. 32, 33 and 34, for 550 kHz, 1 MHz and
1.7 MHz, respectively.

Clearly, the X antenna has a bandwidth of ±10 kHz for
a VSWR of 1.5 at the frequency of 1 MHz, for an antenna
height close to 0.08λ. Of course, it is sharper at 550 kHz and
it has a wider bandwidth at 1.7 MHz, exceeding the required
±10 kHz, as it can be appreciated in the figures.

According to these results, care must be taken in order
to choose these antennas for a high fidelity operation, espe-
cially taking into account the frequency within the medium
frequency AM band, because, in the lower part, the required
±10 kHz bandwidth is difficult to be obtained for a very low
VSWR operation.

This problem can be attenuated choosing a higher antenna,
because the antenna bandwidth can be improved increasing
the antenna height. This problem can be very difficult to be
solved if the antenna height is lower than 0.07λ, especially in
the lower part of the medium frequency band. In the upper
part, even an antenna height close to 0.05λ can be used with
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Fig. 33. Resonant X antenna bandwidth as a function of the antenna height
and for different soil conditions at 1 MHz. (n = 4, nc = 1, a = 6 · 10−3 m,
R0 = 0.25λ, N = 120, a0 = 1.5 · 10−3 m).
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Fig. 34. Resonant X antenna bandwidth as a function of the antenna height
and for different soil conditions at 1.7 MHz. (n = 4, nc = 1, a = 6·10−3 m,
R0 = 0.25λ, N = 120, a0 = 1.5 · 10−3 m).

a good bandwidth, but the antenna gain can suffer due to a
low radiation resistance, especially for dry soils.

In a low budget case and in the upper part of the band, the
Inverted-L and T antennas can be used, because in this part
of the band they can offer enough bandwidth for a moderate
broadcast operation.

XIII. TOP-LOAD TIP VOLTAGE

The top-load tip voltage VL (28) has been calculated for
the resonant Inverted-L (n = 1), T (n = 2), X (n = 4) and
8-Star (n = 8) antennas. This knowledge is very important in
order to design the supporting insulators, especially when the
antenna has to work with high power.

In Figs. 35 and 36 the tip effective voltage can be seen as
a function of the antenna height, for an antenna input power
of 1 kW and for average soil. The tip voltage calculation
requires the knowledge of the antenna equivalent circuit,
whose components permit the antenna current determination.

This voltage is very high in the case of the Inverted-L
antenna and for the lower antenna heights. At the same time,
it can be seen that this voltage is smaller as the branches of
the top-load are increasing. When the antenna height is close
to 0.1λ, this voltage is quite similar for any type of loading.

For an X antenna, the tip voltage is moderate and almost
independent of the antenna height for heights higher than
0.04λ.
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Fig. 35. Top-load tip effective voltage for resonant top-loaded antennas as
a function of the antenna height at 200 kHz. (nc = 1, a = 6 · 10−3 m,
R0 = 0.05λ, N = 30, a0 = 1.5 · 10−3 m, σ = 10−2 S/m, εr = 10).
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Fig. 36. Top-load tip effective voltage for resonant top-loaded antennas as
a function of the antenna height at 1 MHz. (nc = 1, a = 6 · 10−3 m,
R0 = 0.25λ, N = 120, a0 = 1.5 · 10−3 m, σ = 10−2 S/m, εr = 10).

XIV. ANTENNA WIRING

Low and medium frequency top-loaded antennas are made
up of metallic wiring and, for achieving the antenna resonance
for a given height, the top-load wire length L must be varied
to a value of Lres (12).

In Fig. 37 the antenna total length Htot = H + n Lres value
for the Inverted-L (n = 1), T (n = 2), X (n = 4) and 8-Star
(n = 8) antennas is presented as a function of the antenna
height (H/λ) calculated at 1 MHz.

This figure shows that the Inverted-L antenna is using
the minimum top-load length Lres, compared to the other
antenna types. At the same time, it is interesting to see that,
approximately, a quarter-wave total wire length H tot is needed
for this antenna to achieve the resonance condition, and this
effect occurs for any antenna height. This result is practically
the same for any frequency expressing the dimensions in
wavelengths, and the small difference is due to the equivalent
transmission lines characteristic impedance ratio Z0t/Z0m, as
it is indicated in (12).

This effect is exclusive for the resonant Inverted-L
antenna and it does not occur for the other antenna types.

XV. GAIN AND FIELD STRENGTH

The antenna community is using the term antenna gain G
with a reference to an isotropic source. This term is expressed
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Fig. 37. Resonant top-loaded antenna total length (Htot = H + nLres) as
a function of the antenna height, for different top-load branches n at 1 MHz.

in times or dBi, and it is independent of the distance. Electric
field strength is a magnitude that depends on the distance and,
for this reason, a reference distance is of common use.

This reference distance is generally chosen to be 1 km
and field strength E is expressed in mV/m or dBμV/m for
an antenna input power of 1 kW. Usually, this distance is
assumed to be adequate for analyzing a radiated field, free of
induction effects. This is almost true for the medium frequency
band, where 1 km is a distance close to 1.8 wavelengths at
the band lowest frequency.

Nevertheless, a distance of 1 km is half-wavelength at
150 kHz.

In this latter case, this distance should be increased to higher
values, at least to 5 km, in order to measure an actual radiating
field free of any induction component.

In Table XIII antenna gains are indicated and the unatten-
uated E-field strength values are presented at the distance of
1 km for an antenna input power of 1 kW .

XVI. CONCLUSION

Top-loaded antennas have been analyzed. From this analy-
sis, it is pointed out the following:

• Efficiency could be very high when the antenna height is
higher than 0.07λ and with an artificial ground plane of
0.25λ and 120 radials in medium frequency band. Field
strength will be close to a quarter-wave monopole case. In
low frequency band, an optimum artificial ground plane
is achieved with a radius of 0.1λ and 30 or 60 radials.

• Radiation resistance is not only a function of the antenna
height, but a function of the top-base current relationship
too.

• Radiation pattern is found to be a complicated mathe-
matical function of the zenith angle θ. In the case of
a very short top-loaded antenna, this function reduces
to a simple sin θ (see (116) in Appendix C). As a
consequence, the directivity is a little bit greater than
4.77 dBi (see Appendix D).

• Inverted-L antenna has been found to have the minimum
wiring in order to achieve the self-resonance. It was
found that the wire total length (Htot) is independent
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TABLE XIII
ANTENNA GAIN AND E-FIELD STRENGTH

G G E E
dBi — mV/m dBμV/m

5.0 3.16 307.9 109.76
4.8 3.02 301.0 109.57
4.6 2.88 294.0 109.37
4.4 2.75 287.2 109.16
4.2 2.63 280.9 108.97
4.0 2.51 274.4 108.77
3.8 2.40 268.3 108.57
3.6 2.29 262.1 108.37
3.4 2.19 256.3 108.18
3.2 2.09 250.4 107.97
3.0 2.00 244.9 107.78
2.8 1.90 238.7 107.56
2.6 1.82 233.7 107.37
2.4 1.74 228.5 107.18
2.2 1.66 223.2 106.97
2.0 1.58 217.7 106.76
1.8 1.51 212.8 106.56
1.6 1.45 208.6 106.38
1.4 1.38 203.5 106.17
1.2 1.32 199.0 105.98
1.0 1.26 194.4 105.77

of the antenna height. Unfortunately, this antenna has the
minimum bandwidth compared to the other top-loaded
antennas, so this effect must be taken into account before
choosing the right antenna model.
This antenna can advantageously be used for other ser-
vices when the bandwidth is not a constraint, due to its
simple construction.

• Wire loss resistance depends on the top-load type and on
the current distribution along the antenna wiring.

• Separation between radiated and dissipated power is a
very difficult task. For these reason, these calculations
have a logical limitation, due to the use of a hemispherical
surface half-wavelength in radius for the ground plane
power dissipation. However, measurements indicate that
very good results are obtained from this approach.

• Ground plane equivalent loss resistance is not only a
function of the lengths and number of radials and soil
constants, but it is a function of the antenna height too.

• Antenna bandwidth is highly dependent on the antenna
type and on the operation frequency. An important band-
width increase can be achieved using an X antenna type,
instead of an Inverted-L or T. Increasing the top-load
branches more than four, the increase in bandwidth is
quite small, and the antenna complexity is going to be
very high.
In the low frequency band, bandwidth is quite scarce for
any top-loaded antenna type and must carefully be evalu-
ated in order to obtain a good quality speech transmission.
In this band, this kind of antennas is practically the only
choice, due to the antenna size.

In the medium frequency band low end, it is quite difficult
to obtain a high fidelity bandwidth. This antenna property
improves with the frequency and, in the upper end of this
band, even an Inverted-L or T type can give the necessary
bandwidth for a broadcast high fidelity transmission.

• Ground plane must carefully be chosen in order to get an
optimum performance, and it must be free of obstacles
up to a half-wavelength radius for several reasons:

(a) For an optimum antenna operation.
(b) For personnel protection, due to the high inten-

sity fields close to the antenna when the input
power is higher than 1 kW.

(c) A short antenna does not mean that it can
be installed in the small plot surrounded by
obstacles, because its performance can suffer
notably and, for this reason, the transmitting
house must be installed at a minimum distance
of half-wavelength away from the antenna place.

(d) These conditions must be fulfilled.

APPENDIX A
CURRENT AND VOLTAGE DISTRIBUTIONS

For the antenna vertical wire, it is well known that the
current and voltage distributions along a low loss transmission
line, of characteristic impedance Z0m, are given by [8]

I(z) = I0 cosβz − j
V0

Z0m
sin βz (71)

V(z) = V0 cosβz − j I0 Z0m sin βz (72)

0 ≤ z ≤ H

Where I0 and V0 are the antenna input current and voltage.

V0 = jXa I0 (73)

I(z) = I0

(
cosβz +

Xa

Z0m
sin βz

)
(74)

V(z) = j I0 (Xa cosβz − Z0m sin βz) (75)

0 ≤ z ≤ H

At the antenna top, z = H,

It
I0

=
I(z = H)

I0
= cosβH +

Xa

Z0m
sinβH (76)

Vt = V(z = H) = j I0 (Xa cosβH − Z0m sin βH) (77)

The current and voltage distributions on the top-load,
considered as a low loss transmission line, of characteristic
impedance Z0t, will be [8]

I(ρ) =
It
n

cosβρ − j
Vt

Z0t
sin βρ (78)
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V(ρ) = Vt cosβρ − j
It
n

Z0t sin βρ (79)

0 ≤ ρ ≤ L

Where It and Vt are the antenna top current and voltage.

Vt = jXt It (80)

Taking into account (5), it follows that

I(ρ) =
It
n

(
cosβρ − sin βρ

tan βL

)
(81)

V(ρ) = j It

(
Xt cosβρ − Z0t

n
sin βρ

)
(82)

0 ≤ ρ ≤ L

At the top-load wire tip,

IL = I(ρ = L) = 0 (83)

VL = V(ρ = L) = j It

(
Xt cosβL − Z0t

n
sin βL

)
(84)

If the antenna is resonant, Xa = 0, then

I(z) = I0 cosβz (85)

V(z) = −j I0 Z0m sin βz (86)

0 ≤ z ≤ H

It
I0

= cosβH (87)

Vt = −j I0 Z0m sin βH (88)

I(ρ) =
It
n

(
cosβρ − sin βρ

tan βLres

)
(89)

V(ρ) = −j I0 cosβH
(

Z0m tan βH cosβρ +
Z0t

n
sinβρ

)
(90)

0 ≤ ρ ≤ Lres

IL = 0 (91)

VL = −j I0
Z0t cosβH
n sin βLres

(92)

APPENDIX B
NEAR FIELD

Near fields will be calculated in cylindrical coordinates,
according to Fig. 4. Therefore,

R2 = (z − z′)2 + ρ2 (93)

r21 = (z − H)2 + ρ2 (94)

r22 = (z + H)2 + ρ2 (95)

r2 = z2 + ρ2 (96)

The magnetic vector potential in free space, according to the
current distribution along the z-axis, has only one component
in the z-direction, that is

Az =
μ0

4 π

∫ H

−H

I(z′)
e−jβR

R
dz′ (97)

Making a variable change, the current distribution in (74)
becomes

I(z) =
{

Im sin (ψ+ + βz) for − H ≤ z ≤ 0
−Im sin (ψ− − βz) for 0 ≤ z ≤ H (98)

Where

Im = I0

√
1 +

(
Xa

Z0m

)2

(99)

ψ = arctan
(

Xa

Z0m

)
(100)

ψ± = ψ ± π

2
(101)

Thus,

Az =
μ0 Im
4 π

[ ∫ 0

−H

sin (ψ+ + βz′)
e−jβR

R
dz′ (102)

−
∫ H

0

sin (ψ− − βz′)
e−jβR

R
dz′

]

or

Az = j
μ0 Im
8 π

[
ejψ−

∫ H

0

e−jβ(R+z′)

R
dz′ (103)

− e−jψ−
∫ H

0

e−jβ(R−z′)

R
dz′

− ejψ+
∫ 0

−H

e−jβ(R−z′)

R
dz′

+ e−jψ+
∫ 0

−H

e−jβ(R+z′)

R
dz′

]

Then, the magnetic and electric fields are given by



40  May/June  2005

Hφ = − 1
μ0

∂Az

∂ρ
(104)

Ez = − j
ω ε0

1
ρ

∂(ρ Hφ)
∂ρ

(105)

Following the same procedure as Jordan [4] and for z = 0,
it follows that

Hφ = − Im
4 π ρ

{
ejψ

[(
1 − H

r1

)
e−jβ(r1+H) − e−jβρ

]
(106)

− e−jψ

[(
1 +

H
r1

)
e−jβ(r1−H) − e−jβρ

]}

Ez =
j Im

4 π ε0 ω ρ

{
ejψ

[
ρ e−jβ(r1+H)

r1

(
H
r21

− jβ
(
1 − H

r1

))
(107)

+jβ e−jβρ

]

− e−jψ

[
− ρ e−jβ(r1−H)

r1

(
H
r21

+ jβ
(
1 +

H
r1

))

+jβ e−jβρ

]}

At resonance, Xa = 0, so Im = I0 and ψ = 0, then the
magnetic and electric fields, for z = 0, will be

Hφ =
I0
2 π

e−jβr1

ρ

(
H
r1

cosβH + j sinβH
)

(108)

Ez =
j I0 e−jβr1

2 π ε0 ω

(
H cosβH

r31
+

jβH cosβH
r21

− β sin βH
r1

)
(109)

The magnetic field expression is exactly the same obtained
by Wait and Surtees [11] by means of a different approach,
assuming a sinusoidal antenna current distribution. In this
presentation, the current distribution has been obtained by
means of an equivalent transmission line model. In this case,
the maximum current Im in (99) depends on the antenna
reactance Xa and is going to be I0 when the antenna is
resonant (Xa = 0), while the ψ parameter in (100) is going
to be zero.

APPENDIX C
FAR FIELD

The far fields can be obtained from (104) and (105) using
the transformation from cylindrical to spherical coordinates.
Therefore, ⎧⎨

⎩
ρ = r sin θ
φ = φ
z = r cos θ

(110)

Also, the following approximations can be applied:

r1 ∼= r − H cos θ (111)

r2 ∼= r + H cos θ (112)

Then, the far magnetic and electric fields, in the upper
hemisphere (0 ≤ θ ≤ π/2), are given by

Hφ = j
Im
2 π

e−jβr

r
fψ(θ) (113)

Eθ = jZ00
Im
2 π

e−jβr

r
fψ(θ) (114)

Where

fψ(θ) =
sin (βH − ψ) cos (βHcos θ)

sin θ
(115)

+
sin ψ − cos (βH − ψ) cos θ sin (βHcos θ)

sin θ

is the top-loaded monopole antenna field radiation pat-
tern, Z00 = 377 Ω is the free space intrinsic impedance, Im

is given by (99) and ψ by (100).

At resonance, Xa = 0, so Im = I0 and ψ = 0, then
the resonant top-loaded monopole antenna field radiation
pattern is given by

f0(θ) =
sin βHcos (βHcos θ) − cosβH cos θ sin (βHcos θ)

sin θ
(116)

In the case of a very short top-loaded antenna, βH � 1 in
(116), then the far magnetic and electric fields are exactly the
same of the Hertz monopole. Therefore,

Hφ = j
β HI0
2 π

e−jβr

r
sin θ (117)

Eθ = jZ00
β HI0
2 π

e−jβr

r
sin θ (118)

Where

f(θ) = sin θ (119)

is the Hertz monopole field radiation pattern.

If θ = π/2, then r = ρ, z = 0 and f0(π/2) = sin βH. Thus,
the far magnetic and electric fields on the earth surface, for
any resonant top-loaded antenna, become

Hφ = j
I0
2 π

e−jβρ

ρ
sin βH (120)

Eθ = jZ00
I0
2 π

e−jβρ

ρ
sin βH (121)

Since Ez = −Eθ for z = 0, it follows that the z-component
of the far electric field on the earth surface becomes
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Ez = −j Z00
I0
2 π

e−jβρ

ρ
sin βH (122)

APPENDIX D
DIRECTIVITY

The antenna directivity D can be expressed as

D =
4 π

B
(123)

Where

B =
∫ 2π

0

dφ

∫ π/2

0

P(θ, φ)
Pmax

sin θ dθ (124)

is the beam area, P(θ, φ) is the power density and Pmax

its maximum value. When the antenna beam has cylindrical
symmetry, the power density is only a function of the zenith
angle θ, so P(θ, φ) = P(θ).

For a resonant top-loaded antenna,

P(θ)
Pmax

=
f20 (θ)

f20 (π/2)
(125)

Where f0(θ) is the resonant top-loaded antenna field radia-
tion pattern in (116).

The integration in (124) can be carried out to give

B =
π

2 sin2 βH

[
sin 4βH

4βH
+

sin 2βH
2βH

(126)

− cos 2βH − 1 + Cin(4βH)

]

Where

Cin(4βH) =
∫ 4βH

0

1 − cos u
u

du (127)

In Table XIV the resonant top-loaded antenna directivity
has been calculated as a function of the antenna height (H/λ).
Exact results are very close to the Hertz monopole directivity
of 4.77 dBi within 0.1 dB.

APPENDIX E
RADIATION RESISTANCE

Radiation resistance is defined as [5]

Rrad =
2 Wrad

I20
(128)

Where Wrad is the power radiated into space by the top-
loaded antenna, and I0 is the peak value of the antenna input
current.

Following the standard procedure [5], the radiation resis-
tance of a resonant top-loaded antenna will be

Rrad = 60
∫ π/2

0

f20 (θ) sin θ dθ (129)

TABLE XIV
RESONANT TOP-LOADED ANTENNA DIRECTIVITY.

H/λ D D
— — dBi

0.010 3.0008 4.7724
0.015 3.0018 4.7738
0.020 3.0032 4.7758
0.025 3.0049 4.7783
0.030 3.0071 4.7814
0.035 3.0096 4.7851
0.040 3.0125 4.7893
0.045 3.0158 4.7941
0.050 3.0195 4.7993
0.055 3.0235 4.8051
0.060 3.0279 4.8114
0.065 3.0327 4.8182
0.070 3.0377 4.8255
0.075 3.0432 4.8332
0.080 3.0489 4.8414
0.085 3.0549 4.8500
0.090 3.0613 4.8591
0.095 3.0680 4.8685
0.100 3.0749 4.8783

Where f0(θ) is the resonant top-loaded antenna field radia-
tion pattern in (116).

The integration can be performed analytically to give

Rrad = 15
[
sin 4βH

4βH
+

sin 2βH
2βH

− cos 2βH − 1 + Cin(4βH)
]

(130)
Where the Cin function is given by (127).
In Table XV the resonant top-loaded antenna radiation

resistance has been calculated using the exact expression
(130), the approximate equation (54), where the top to base
current ratio It/I0 = cosβH is taken into account, and the
Hertz monopole radiation resistance (44), where I t/I0 = 1.

It can be seen that the Hertz monopole expression (44) can
only be used for antenna heights less than 0.04λ, while the
approximate expression (54) is valid up to 0.1λ with an error
less than 5%.

APPENDIX F
WIRE LOSS RESISTANCE

It was shown in Section VIII that the wire loss resistance
for a resonant antenna is given by

Rc =
Rl

I20

(∫ H

0

I2(z) dz + n
∫ Lres

0

I2(ρ) dρ

)
(131)

Where

Rl =
1
a

√
f μ0

4 π σc
(132)

and
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TABLE XV
RESONANT TOP-LOADED ANTENNA RADIATION RESISTANCE.

H/λ Exact Approx. Hertz
— Ω Ω Ω

0.010 0.15766 0.15760 0.15791
0.015 0.35405 0.35373 0.35531
0.020 0.62768 0.62668 0.63165
0.025 0.97727 0.97485 0.98696
0.030 1.40120 1.39620 1.42120
0.035 1.89740 1.88810 1.93440
0.040 2.46360 2.44790 2.52660
0.045 3.09710 3.07200 3.19780
0.050 3.79500 3.75700 3.94780
0.055 4.55400 4.49870 4.77690
0.060 5.37070 5.29270 5.68490
0.065 6.24110 6.13440 6.67190
0.070 7.16140 7.01890 7.73780
0.075 8.12740 7.94090 8.88260
0.080 9.13460 8.89500 10.1060
0.085 10.1780 9.87570 11.4090
0.090 11.2540 10.8770 12.7910
0.095 12.3580 11.8940 14.2520
0.100 13.4830 12.9190 15.7910

I(z) = I0 cosβz 0 ≤ z ≤ H (133)

I(ρ) =
I0 cosβH

n

(
cosβρ − sin βρ

tanβLres

)
(134)

0 ≤ ρ ≤ Lres

Both integrations in (131) can be carried out to give∫ H

0

I2(z) dz =
I20
2

(
H +

sin 2βH
2 β

)
(135)

and

∫ H

0

I2(ρ) dρ =
I20 cos2 βH

n2

[
Lres

2

(
1 +

1
tan2 βLres

)
(136)

+
sin 2βLres

4 β

(
1 − 1

tan2 βLres

)
+

cos 2βLres − 1
2 β tanβLres

]

Therefore,

Rc = Rl

{
1
2

(
H +

sin 2βH
2 β

)
(137)

+
cos2 βH

n

[
Lres

2

(
1 +

1
tan2 βLres

)

+
sin 2βLres

4 β

(
1 − 1

tan2 βLres

)
+

cos 2βLres − 1
2 β tan βLres

]}

APPENDIX G
GROUND PLANE EQUIVALENT LOSS RESISTANCE

In Section IX, the ground plane equivalent loss resistance
was obtained as

Rgp =
2π

I20

(∫ R0

0

| Hφ |2 Rg ρ dρ +
∫ λ/2

R0

| Hφ |2 Rs ρ dρ

)
(138)

Where
Hφ is the near magnetic field given by (108) [A/m].
Rg is the artificial ground plane resistance at the operation

frequency, given by (62) [Ω].
Rs is the soil resistance at the operation frequency, given

by (60) [Ω].

The first integral is calculated numerically, thus

2π

I20

∫ R0

0

| Hφ |2 Rg ρ dρ ∼= 2π

I20

i=K∑
i=1

| Hφ(ρi) |2 Rg(ρi) ρi wi

(139)
Where {wi} are the weights of an adaptive Gauss-Lobatto

quadrature rule.
The second integration can be carried out to give

2π

I20

∫ λ/2

R0

| Hφ |2 Rs ρ dρ = (140)

Rs

2 π

{
ln

⎛
⎝ λ

R0

√
R2

0 + H2

λ2 + 4 H2

⎞
⎠ cos2 βH

+ ln
(

λ

2 R0

)
sin2 βH

}

APPENDIX H
GLOSSARY OF SYMBOLS

a Radius of the antenna wires [m].
A Magnetic vector potential [Wb/m].
a0 Radius of wire used in artificial ground plane [m].
B Radiation pattern beam area.
Ct Top capacitance of a top-loaded antenna [F].
D Antenna directivity.
η Antenna efficiency.
E Electric field intensity [V/m].
εr Soil relative permittivity.
f0(θ) Resonant top-loaded antenna field radiation pattern.
fψ(θ) Top-loaded antenna field radiation pattern.
G Antenna gain.
H Magnetic field intensity [A/m].
H Antenna height [m].
I0 Peak value of the antenna input current [A].
I(ρ) Current distribution on the antenna top-load [A].
It Peak value of the antenna top current [A].
I(z) Current distribution on the antenna vertical part [A].
j

√−1 imaginary unit.
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Jsu Ground plane surface current density [A/m].
L Antenna top-load length [m].
Lres Resonant antenna top-load length [m].
n Number of top-load branches.
nc Number of wires in each equivalent transmission

line.
N Number of radials.
P Radiated power density [W/m2].
Q Antenna merit factor.
ρ Radial distance from the antenna base [m].
R0 Artificial ground plane radius [m].
Ra Antenna input resistance [Ω].
Rc Wire loss resistance [Ω].
Rg Artificial ground plane resistance [Ω].
Rgp Ground plane equivalent loss resistance [Ω].
Ri Insulator equivalent loss resistance [Ω].
Rl Wire resistance per unit length [Ω/m].
Rrad Antenna radiation resistance [Ω].
Rs Soil resistance [Ω].
σ Soil conductivity [S/m].
σc Wire conductivity [S/m].
V0 Peak value of the antenna input voltage [V].
VL Peak value of the antenna top-load tip voltage [V].
V(ρ) Voltage distribution on the antenna top-load [V].
Vt Peak value of the antenna top voltage [V].
V(z) Voltage distribution on the antenna vertical part [V].
Wc Power dissipated in the antenna wires [W].
Wd Power dissipated in the antenna ground plane [W].
Win Antenna input power [W].
Wrad Antenna radiated power [W].
Xa Antenna input reactance [Ω].
Xt Antenna top reactance [Ω].
Z0 Near field space impedance [Ω].
Z00 Free space intrinsic impedance (377 Ω).
Z0m Equivalent transmission line average characteristic

impedance of the antenna vertical part [Ω].
Z0t Equivalent transmission line characteristic

impedance of the antenna top-load [Ω].
Za Antenna input impedance [Ω].
Zg Artificial ground plane impedance [Ω].
Zr Ground screen impedance [Ω].
Zs Soil impedance [Ω].
Zt Antenna top impedance [Ω].
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Measuring Cable Loss

By Frank Witt, AI1H

Improving measurement accuracy when
low-power analyzers are used.

The matched loss of a cable
with a characteristic impe-
dance, Z0, is the loss of the

cable when it is terminated in Z0. A
well-publicized way of measuring
the matched loss of a cable is to
measure the magnitude of the reflec-
tion coefficient, |ρ|, SWR, or return
loss, RL, at one end when the other
end of the cable is either shorted or
open. The formula for matched loss
(in decibels) for either shorted or
open cables is:

2
RL

1SWR
1SWR

log10log10LC

This is an expanded version of

Eq 29 on page 24-26 and Eq 35 on
page 24-27 of The ARRL Antenna
Book, 19th and 20th editions, respec-
tively.

This method has two problems
when the measuring instrument is
a low-power analyzer like the MFJ
Model MFJ-259B and similar ana-
lyzers. The first is that shorting or
opening the circuit at the far end
gives different answers. For electri-
cally short cables, these answers can
be very different. Eq 1 assumes that
the reference impedance of the mea-
suring instrument equals the com-
plex characteristic impedance of the
cable. However, the nominal refer-
ence impedance of the analyzer is
50 + j0 Ω, rather than the complex
characteristic impedance of the
cable. The second problem is that the
values of |ρ|, SWR, or return loss
do not fall in favorable parts of most
analyzers’ measurement ranges.

The problem of different answers
can be overcome by making a mea-
surement for both the shorted and

open cases. We can then find the
cable loss (in decibels) from:

4

1
1

1
1

5

5

OS

O

O

S

S

OSC

RLRL

SWR
SWR

SWR
SWR

log

logL

(Eq 1)

(Eq 2)

where the subscripts “S” and “O” re-
fer to the short- and open-circuited
cases, respectively.

Examination of Eq 2 reveals that
it is essentially the same as Eq 1,
except that the value of |ρ| used is
the geometric average of the |ρ|
values found for the two cases. The
value of return loss used is the arith-
metic average of the RL values
found for the two cases. However,
this does not solve the second prob-
lem (that is, non-optimum measure-
ment ranges).

Let’s look at a specific example:
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Assume that we have 25 feet of
RG-58A (Belden 8259), and we want
to measure the matched loss of the
cable at 10 MHz. The Belden catalog
shows this to be 1.4 dB/100 ft, so the
matched loss of our cable segment
should measure 1.4/4 = 0.35 dB. The
nominal characteristic impedance is
50 Ω, and the electrical length of this
cable segment is 0.385 wavelength.

I used TLMan.mcd, the Mathcad
worksheet that is a part of Note 1, to
simulate a measurement with an
analyzer. TLMan.mcd is a trans-
mission-line simulator that uses
manufacturers’ data to derive trans-
mission-line properties. The matched
loss of 100 feet of cable calculates to
be 1.39 dB. This rounds to the value
given by Belden (LC = 1.4 dB/100 ft).
The worksheet provides a cable model
that very accurately matches
Belden’s published matched-loss data
from 1 to 1000 MHz. The worksheet
also uses the manufacturer’s velocity
factor and capacitance-per-foot speci-
fications. To obtain an accurate simu-
lation, the worksheet calculates and
uses the complex characteristic im-
pedance. I modified the worksheet to
use an analyzer reference impedance
of 50 + j0 Ω, rather than the complex
characteristic impedance of the cable.

Now, back to the 25-foot example:
For the shorted case, |ρS| = 0.937
(SWRS = 30.8; RLS = 0.564 dB), and
the calculated matched loss using
Eq 1 is 0.282 dB. For the open-cir-
cuit case, |ρ

O| = 0.909 (SWRO =
21.0, and RLO = 0.829 dB) and the
calculated matched loss is 0.414 dB.
These are clearly very different re-
sults. Geometrically averaging the
|ρ|s and arithmetically averaging
the RLs give a matched loss of 0.35
dB, which is the correct value.

Although the results found from
short- and open-circuited cables are
different, the difference is inconse-
quential in many practical cases.
Either case will reveal whether a
cable is usable. My aim here is to
show that the two results are differ-
ent and how we can account for and
correct those differences.

The values of |ρ|, SWR, and re-
turn loss do not lie in a favorable part
of the instrument’s measurement
range. This was recognized by Dan
Wanchic, WA8VZQ, and published in
Hints and Kinks.2 Dan suggested
“moving” the measurement to a more
favorable range, SWR between 1 and
2.3, by inserting a 4-dB 50-Ω attenu-
ator between the analyzer and the
cable being measured.

Another way to “move” the mea-
surement to a more favorable range

is to use a method based on the in-
direct method for evaluating an-
tenna tuners and baluns.3,4 A
comparison of the two methods fol-
lows in the next section.

Here is a summary of how the in-
direct method is used for measuring
the loss of an antenna tuner. Con-
nect the analyzer to the input of the
tuner and the load resistance RLto
its output. Measure the loss of the
antenna tuner by first terminating
it in the desired load resistance, RL.
Adjust the tuner so the input imped-
ance of the tuner is 50 + j0 Ω (|ρ| =
0, and SWR = 1). Then terminate the
tuner with RL/2 and 2RL, in se-
quence. Use the analyzer readings
to compute the loss of the tuner.

To measure 50 Ω cables, connect
the analyzer directly to one end of
the cable as in the cases cited above.
No tuner is required. As a check,
first terminate the cable in 50 Ω; the
SWR reading should be very close
to 1. Then terminate the cable in
25 Ω and 100 Ω and measure |ρ|,
SWR or RL for each load. Calculate
the loss (in decibels) from:

dB4.77
4

RLRL
dB4.77

SWR
SWR

SWR
SWR

5log

dB4.77log5LC

21

2

2

1

1

21

1
1

1
1

When measuring cables of other
characteristic impedances, insert an
antenna tuner between the analyzer
and the cable. Terminate the cable
with a load resistance, RL, which
equals the nominal characteristic
impedance of the cable, and adjust
the tuner so that the input imped-
ance of the tuner is 50 + j0 Ω (|ρ| =
0 and SWR = 1). Use resistors of
values RL/2 and 2RL to obtain the
values for use in Eq 3. The loss mea-
sured will be the loss of the tuner-
cable combination. Measure the loss
of the tuner by terminating the
tuner in RL and use the indirect
method to find the tuner loss. The
indirect method is described in the
references of Notes 3 and 4. Subtract
the tuner loss from the total loss to
obtain the matched loss of the cable.

A Comparison of Methods
The method described in Hints

and Kinks (Note 2), which we will
call the WA8VZQ method, involves
adding a 4-dB pad to move the mea-
sured data to a more favorable part
of the analyzers’ measurement
range. We will call the method de-
scribed above, which uses resistive
terminations with values above and
below the nominal characteristic
impedance of the cable, the AI1H
method. It turns out that the two
methods are equivalent in concept
and potential accuracy. Let’s look
first at the formula for computing
the loss for the WA8VZQ method:

dB4
RLRL

dB4

SWR
SWR

SWR
SWR

log

dBlogL
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O

O

S

S

OSC

4

1
1

1
1

5

45

(Eq 4)

where the subscripts S and O refer to
the short- and open-circuited cases,
respectively.

This equation was not explicitly
mentioned in the Hints and Kinks
article, but it is appropriate use for
the WA8VZQ method. Notice that it
takes advantage of the averaging
technique described earlier.

Compare Equations 3 and 4. The
differences are that the AI1H
method involves the sequential con-
nection of 25 Ω and 100 Ω load re-
sistors and the WA8VZQ method
involves shorting and opening the
circuit at the end of the cable. Also,
different values are subtracted,
4.77 dB for the AI1H method and

(Eq 3)

where the subscripts “1” and “2” re-
fer to the 25 Ω and 100 Ω termina-
tion cases, respectively.

The nice aspect of this approach
is that the analyzers are used in re-
gions where they have good accu-
racy, where the factory personnel
calibrate them. For a lossless cable,
ρ1 = ρ2 = 1/3; SWR1 = SWR2 = 2.0;
and RL1 = RL2 = 9.54 dB. For cables
with loss, the reflection-coefficient
magnitude, SWR and return-loss
values stay within the range where
the analyzer has its best accuracy
and resolution.

Let’s look at our specific example:
25 feet of RG-58A (Belden 8259) cable.
Again, “measure” the cable with
TLMan.mcd. We find that |ρ1| =
0.316; SWR1 = 1.93; RL1 = 10.00 dB);
|ρ2| = 0.299; (SWR2 = 1.85, and RL2
= 10.48 dB), which from Eq 3, gives
LC = 0.35 dB. Not only is this in
agreement with the actual loss, but
the quantities measured are in the
range where most analyzers shine.
In this case, instead of SWR values
over 20, the analyzer must measure
SWR values just under 2.
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Fig 1—Cable loss versus reflection coefficient magnitude for the
MFJ-259B Analyzer using the AI1H method.

Fig 2—Loss resolution versus cable loss for the MFJ-259B
Analyzer using the AI1H method. Solid line: Using reflection
coefficient magnitude readings. Dotted line: Using SWR readings.
Dashed line: Using return loss readings. The resolution is
controlled by the two decimal-digit display of the results.

4 dB for the WA8VZQ method. If a
4.77-dB attenuator had been used
for the WA8VZQ method, Equations
3 and 4 would have been identical,
except for the terminations used.

The AI1H method uses termina-
tions that are half and twice the
nominal characteristic impedance
(25 Ω and 100 Ω, respectively, for
50 Ω cables). If the terminations
had been 1/2.323 times and 2.323
times 50 Ω (21.5 Ω and 116.2 Ω,
respectively), a 4-dB term would
be used instead of the 4.77-dB term
in Eq 3. In general, for the AI1H
method, if k is the multiplier for
the load resistors (Z0/k and kZ0,
where Z0 is the nominal characteris-
tic impedance of the cable), the value
to be subtracted (in decibels) is

1
110log k

k .

The main difference between the
two methods is that for the WA8VZQ
method attenuators are used, and
for the AI1H method resistive ter-
minations are used instead of a
short and an open circuits. In most
cases, suitable resistors are more
available than a calibrated attenu-
ators, so the AI1H method is easier
to implement. Also, when attenua-
tors are used, they must have the
same design impedance as the nomi-
nal characteristic impedance of the
cable being measured. Both methods
require an antenna tuner when the
cable characteristic is not 50 Ω, since
most analyzers have a reference re-
sistance of 50 Ω.

Accuracy and Resolution
Reflection-coefficient magnitude,

SWR and return loss are shown in
the above equations. This was done
because various analyzers that are
used for measuring cable loss pro-
vide best accuracy when a particu-
lar one of these three parameters is
measured. The equations are useful
only if the analyzer accuracy is ad-
equate. For a simple check of the
accuracy, test a zero length cable.
For the AI1H method using Z0/2 and
2Z0 loads, a perfect analyzer would
read |ρ| = 1/3, SWR = 2.0 and RL =
9.54 dB. For the WA8VZQ method
with a 4 dB attenuator, the analyzer
would read |ρ| = 0.40, SWR = 2.3
and RL = 8.0 dB. This does not guar-
antee that the intermediate read-
ings are accurate, but this is a good
start.

Accuracy is the degree to which
the instrument provides the correct
result. Resolution is the granularity
to which the measured result can be
displayed. In many cases, resolution
is the controlling factor in the mea-
surement process. A perfect measur-
ing instrument is limited by the
resolution of the displayed result.

As an example, let’s look at the
popular MFJ-259B when used to
measure cable loss. This instrument
measures |ρ| directly and displays
it on an LCD panel. It also displays
SWR and return loss, which are com-
puted internally from the |ρ| data.
All three parameters are displayed
as two decimal digits. The reference
of Note 3 shows how to calibrate the

MFJ-259B for use in this applica-
tion.

The loss versus |ρ| behavior for
the AI1H method is shown in Fig 1.
The graph is based on Eq 3, where
Z0/2 and 2Z0 terminations are used.
In this case, it is assumed that ρ1 and
ρ2 are equal. The individual dots in
the graph are the only values pos-
sible because of the two-digit display
characteristic of the MFJ-259B,
which controls the resolution of the
instrument. To take full advantage
of the displayed result, interpret a
reading that alternates between two
adjacent values as a value half-way
between the two values. For example,
interpret a reading of |ρ| that
“bounces” between 0.22 and 0.23 as
0.225. This leads to a resolution of
cable loss as shown in Fig 2.

Fig 2 clearly demonstrates that
the resolution of loss for |ρ| mea-
surements is better than that for
SWR or Return Loss measurements
and is better than 0.05 dB for cable
losses up to 2 dB. Comparable
graphs to Fig 1 for SWR and Return
Loss are not shown because the al-
gorithms that convert measured |ρ|
values to SWR and Return Loss in-
troduce errors. The use of |ρ| for
this application of the MFJ-259B is
clearly preferred because of both
accuracy and resolution consider-
ations.

Figs 1 and 2 apply for the AI1H
method, but similar results are ob-
tained with the WA8VZQ method. In
fact, if a 4.77 dB attenuator is sub-
stituted for the 4 dB attenuator used
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by WA8VZQ, the graphs would be
the same for the two methods.

MFJ offers an analyzer of “im-
proved accuracy,” the MFJ-269. How
does it perform in this application?
It has A/D converters with greater
resolution (more bits) than the A/D
converters in the MFJ-259B. This
would be very helpful if the MFJ-
269 displayed three decimal digits
for |ρ|, SWR and return loss, and
the SWR and return loss algorithms
were improved. Unfortunately, for
the MFJ-269 I tested, the |ρ|, SWR
and return loss displays show only
two decimal digits. Also, the SWR
and return-loss algorithms were the
same as those for the MFJ-259B. In
fact, the displayed resolution of the
MFJ-269 is worse by a factor of two
(twice the values displayed in Fig 2)

than those of the MFJ-259B. This is
true because the higher-bit A/D con-
verters eliminate the bounce re-
ferred to above, so values between
the two-digit values displayed on the
LCD are not available. These com-
ments apply for this application of
the MFJ-269. For other applications,
the improved A/D converters in the
MFJ-269 are useful and do result in
accuracy improvement. I hope that
future versions of the MFJ-269 will
provide three-digit decimal display
for |ρ|, SWR and Return Loss and
improved algorithms to convert |ρ|
data into SWR and return-loss data.
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Octave Calculations
for Amateurs

By Maynard A. Wright, W6PAP

How about a no-cost computer analysis tool? The author
describes a powerful one that is easy to use too.

Dan Wanchic, WA8VZQ, gave us
a very useful method for mea-
suring feed line attenuation in

Hints & Kinks for March, 2004 QST.
[For more about feed-line attenuation
measurement, see the article by Frank
Witt, AI1H, in this issue.—Ed.]My junk
box is not, though, quite the same as
Dan’s. I shoveled my way toward the
bottom and I found not a single 4 dB
attenuator. Not to worry: I turned to the
tables on page 30.24 of the Handbook1

for values to use in building my own
attenuator. The tables gave me exactly
what I need to build a 4 dB 50-Ω at-
tenuator of either T- or H-configuration.

In addition, the 50-Ω resistance values
can be scaled by the ratio between the
desired impedance and 50 Ω to use the
tables for symmetrical attenuators that
differ from 50 Ω.

What if I want to use a 50-Ω SWR
analyzer to measure the loss of some
70-Ω cable? I’ll need an impedance-
matching (asymmetrical) attenuator.
What if I need some non-integral value
of attenuation, say 4.5 dB? In cases like
these that are not covered by the Hand-
book tables, I’ll need to calculate val-
ues of my own, so I dug up some formu-
las for balanced H and unbalanced T
attenuators from page 252 of an old
tried-and-true reference manual.2 The
balanced version is shown in Fig 1 and
the unbalanced version in Fig 2. For
each attenuator, I need to find values
of R1, R2, and R3 for the loss and im-
pedance values I need:

1
2 21

3 N

ZZN
R (Eq 1)

311 1
1

R
N
N

ZR (Eq 2)

322 1
1

R
N
N

ZR (Eq 3)

where:
N = the ratio of the input power to

the output power.
Z1 = the input impedance of the at-

tenuator.
Z2 = the output impedance of the

attenuator.

N is found from the required loss
(L) in dB using:

1Notes appear on page 50.
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Table 2
Octave SWR-to-loss conversion code

#! /usr/bin/Octave -qf
# SWR TO LINE LOSS CONVERSION
printf(“\n\n *** SWR-TO-FEEDLINE LOSS CONVERSION ***\n”);
# enter SWR from keyboard:
S = input(“\n    ENTER SWR: “);
# calculate voltage reflection coefficient from SWR:
rho = (S - 1) / (S + 1);
# calculate presumed line loss from reflection coef.:
loss = -0.5 * 20 * log10(rho);
#print out value of line loss:
printf(“\n FEEDLINE LOSS = %7.5g\n\n”, loss);
# end SWR to feedline loss conversion program

1010

L

N (Eq 4)

Now I can crank the numbers
through my calculator and build the
attenuator. That’s a lot of arithmetic—
can I be sure that I haven’t made an
error somewhere? Just to make sure,
I run through the numbers again. Now
I want to work up another attenuator.
This is getting tedious!

One way around this is to write a
little program to make the calculations
for me. I might have used a program-
mable calculator or I might have
written some code in BASIC or C, but
repetitive calculations like this are
really well suited for a specialized
mathematical analysis program. There
are several good commercial programs
available that would handle this prob-
lem just fine, but the cost of any one
of them would quickly sink my radio
budget.

Fortunately, there’s a zero-cost al-
ternative: GNU Octave. GNU Octave
is a program that allows interactive
math calculations and is available for
download from www.octave.org at
no cost.3 The zero cost part fits my
budget very well and Octave can
handle anything I might ever want to
throw at it in terms of calculations.

The Octave code I used to solve the
attenuator problem is listed in
Table 1. I tested the code using both
Linux and Windows versions of
Octave. Under Linux, the code can be
executed directly from the Linux com-
mand line by simply typing the name
of the file due to the inclusion of the
first line in the program, “#! /usr/bin/
Octave -qf,” which makes the program
an Octave script file.

If the code in Table 1 is to be used
with the Windows version of Octave, it
must be executed from the prompt
within Octave, rather than from the
operating system command line.4 The
script file feature is designed for Linux
or Unix and doesn’t work in Windows,
at least not in my Windows implemen-
tation. Delete the first line “#! /usr/bin/
Octave -qf” if you are going to execute
the code from the Octave prompt. If you
are going to use a text editor to build or
edit an Octave file and then run it from
the prompt within Octave, it should
have the file extension “.m” and be lo-
cated in a folder where Octave can find
it. In my Windows implementation, that
folder is C:\Program Files\GNU
Octave 2.1.36\octave_files.

The version of the attenuator pro-
gram shown in Table 1 is designed to
give you values for the balanced attenu-
ator, but you can double the values of
R1/2 and R2/2 to get R1 and R2, or modify
the code in the program to give you the
unbalanced values directly if you like.
The program calculates the unbalanced
values and converts them to the bal-

anced values in the printf() statement,
so that’s the only place you need to
make a change. If you are familiar with
C, you will recognize some of the
Octave syntax as being very similar to
that language.

I could add error checking to flag
invalid input characters and out-of-
range inputs, but the program is simple
as is and can be easily understood and
modified to do something else when the
need arises. Without such checking,
though, you might see a negative resis-
tance pop out if you ask the program
for a significant impedance transforma-
tion with a low loss. That’s an indica-
tion that you can’t build a simple H- or
T- network to match those two imped-
ances without going to a higher loss. If
you accidentally enter nonsense values
such as, say, “H” for the attenuation,
Octave will spit out error messages that
ought to alert you to the fact that you
have fed it something indigestible. Good
programming practice calls for trapping
such errors before the program tries to
use them, but there is a lot to be said
for simplicity in a scratchpad sort of

Table 1
Octave Balanced H attenuator code

#! /usr/bin/Octave -qf
# BALANCED H ATTENUATOR CALCULATIONS
printf(“\n\n *** BALANCED H ATTENUATOR DESIGN ***\n”);
# enter data required to design attenuator from keyboard:
loss = input(“\n    ENTER ATTENUATOR INSERTION LOSS IN dB: “);
zin = input(“    ENTER ATTENUATOR INPUT IMPEDANCE IN OHMS: “);
zout = input(“    ENTER ATTENUATOR OUTPUT IMPEDANCE IN OHMS: “);
# calculate attenuator power ratio from insertion loss:
n = 10 ^ (loss / 10);
# calculate resistance values:
r3 = 2 * sqrt(n * zin * zout) / (n - 1);
r1 = zin * (n + 1) / (n - 1) - r3;
r2 = zout * (n + 1) / (n - 1) - r3;
# print out results:
printf(“\n *** BALANCED H ATTENUATOR RESISTANCES ***\n\n”);
printf(“     R1/2 = %7.5g\n     R2/2 = %7.5g\n\
     R3 = %7.5g\n\n”, r1/2., r2/2., r3);
# end balanced H attenuator program

Fig 2—Schematic of a T-attenuator.

Fig 1—Schematic of an H-attenuator.
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program that might be modified fre-
quently to perform different chores.

There are many download options
available at www.octave.org. You
can even get the source code and com-
pile your own executable. Unless you
are challenged by doing battle with
computers, you will probably want to
download a Windows-compatible bi-
nary version that is ready to execute
with little or no fiddling around. It’s a
good idea to download the documen-
tation, which is extensive and helpful,
along with the program. I also bought
the documentation for Octave in book
form5 since I prefer it that way.

Once you have Octave installed and
running, you will probably think of nu-
merous tasks for it. You can use it in-
teractively as a calculator and, if you
want to, save your results in a file. You
can implement the equations you use
from the Handbook and from other ref-
erences. You can start by using the code
in Table 1 as a template if you like, re-
placing the input prompts, the equa-
tions, and the output statements as
needed to implement other calculations.

One possible application is to cal-
culate values beyond those listed in

WA8VZQ’s tables. What if I have a line
with a loss of 8 dB? An expression for
the absolute value of the voltage
reflection coefficient is listed on
page 563 of Reference Data for Radio
Engineers:2

|ρ|  =  (SWR – 1) / (SWR + 1)
(Eq 5)

At the point of measurement, the
voltage reflection coefficient repre-
sents the ratio between the voltage of
the outgoing (incident) and incoming
(reflected) signals.  This difference, ex-
pressed in dB, is equal to twice the loss
of the line.  I can then find the line
loss using:

loss = –0.5 * 20 * log(|ρ|) (Eq 6)

It took about five minutes to use the
code in Table 1 as a template to pro-
duce the code in Table 2, which calcu-
lates line loss from SWR.  Note that,
in Octave as well as in some other lan-
guages, you must use log10() to make
sure that the program calculates the
common, rather than the natural,
logarithm in carrying out your in-
structions.

Drop by www.octave.org and look

into what it would take to download
Octave for your system. It’s worth the
effort. As with other software and test
equipment, Octave will enhance your
toolbox and enrich your Amateur Ra-
dio experience.

Notes
1The ARRL Handbook for Radio Communica-

tions, 2004 edition, Chapter 30, p 24.
2Reference Data for Radio Engineers, Fourth

Edition, International Telephone and Tele-
graph Corporation, 1956.

3This assumes that you are willing to comply
with the GNU Public License, which you can
read at www.gnu.org or www.octave.org.

4The code also runs fine when executed from
the Octave prompt in the Linux version.

5J. Eaton, GNU Octave Manual, Network
Theory Limited, 1997.
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Receiver Audio Processing Using
a Phase-Locked Loop

By Robert Kavanagh, VE3OSZ

An alternative to the DSP filter for
digging weak CW signals from noise

The use of some form of audio
filter between the receiver out-
put and the headphones or loud-

speaker can enhance the readability
of signals. This technique is particu-
larly useful for receivers that do not
have integral DSP filtering. Audio fil-
ters used for this purpose may be ana-
log or DSP types. In this article a third
type of audio filter is described. This
filter makes use of a phase-locked loop
(PLL). A filter of this type has been
used with some success for improving
reception of weak CW signals in the
presence of noise.

Phase-Locked Loops
Phase-locked loops (PLLs) have been

in use for many years and have wide-
spread applications in a variety of
electronic systems. PLLs are a type of
feedback control system which main-
tains the frequency of an output signal
in exact correspondence to the fre-
quency of an input signal. Fig 1 shows
the block diagram of a PLL. The input
and output signals are compared by
multiplying them in a phase detector.
If the input and output signals are si-
nusoidal, the output of the phase de-
tector contains a dc component which
is proportional to the phase difference
between the input and output signals
together with ac components. The loop
filter attenuates the ac components
such that its output is essentially only
the dc component. The dc component is
used to control the frequency of a volt-

age controlled oscillator (VCO) that gen-
erates the output signal. If the dc sig-
nal at the VCO input is zero, the VCO
output is a signal at its free-run fre-
quency. The polarity of the dc input to
the VCO determines whether the VCO
frequency is above or below the free-run
frequency. When the dc component is
constant, the VCO output has the same
frequency as that of the input signal but
with some phase error corresponding to
the value of the dc component of the
phase detector output. When the input
signal frequency changes, the resulting
change in the phase detector output
drives the VCO in such a way as to
cause its output frequency to track the
input frequency. The PLL is said to be
locked on to the input signal.

Two important characteristics of a
PLL are the capture range and the
lock range. The capture range is that
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range of frequencies centered on the
free-run frequency over which the loop
will acquire lock with an input signal
initially out of lock. The lock range is
that range of frequencies in the vicin-
ity of the free-run frequency over
which the loop, once locked to the in-
put signal, will remain locked.

There is extensive literature on the
subject of phase-locked loops, their
design and application. The classic
book on the subject was written by
Gardner1. A more recent reference is
the book by Best2.

An important property of a PLL is
its ability, under certain circumstances,
to follow the frequency of an input sig-
nal in the presence of noise. Thus, in
this respect, the PLL behaves like a fil-
ter. This property of a PLL has been
used in the system described here.

PLL with CW Input
The input signals of interest in this

application are CW signals in the pres-
ence of noise. The behavior of a PLL
with such an input is a complex mat-
ter. The ability of the PLL to follow the
CW component of the input depends
upon the characteristics of the input
signal (S/N, spectrum of the noise and
so on) and upon the design of the PLL
(loop-filter properties, gain of the
phase detector and VCO and so on).

Consider, first, the case in which the
loop filter is omitted. If the input is a
CW signal with no noise, the PLL out-
put frequency will follow the fre-
quency of the dits and dahs of the CW
signal provided that the signal fre-
quency is within the capture range.
There will be some phase jitter in the
output caused by the presence of the
ac components in the VCO input. Dur-
ing the intervals between the dits and
dahs the dc component at the phase
detector output drops to zero (because
one of the inputs to the multiplier is
zero), and this causes the VCO output
to revert to the free-run frequency. The
VCO output will be a FSK version of
the CW signal and therefore readable,
especially if there is a significant dif-
ference between the CW signal fre-
quency and the free-run frequency.

If the input to the PLL is only audio
frequency noise, the output will consist
of the free-run frequency but with phase
jitter that increases in significance as
the noise amplitude increases. The out-
put will sound like a “squeal” with a
free-run frequency component. The
spectrum of the noise relative to the
free-run frequency will influence the
nature of the PLL output.

For a CW signal in the presence of

noise, the PLL may be capable of pro-
ducing a readable FSK output. If the
S/N is relatively high, the phase de-
tector output will jitter around an av-
erage value. Therefore, the noise will
cause increased phase jitter in the
VCO output during the dits and dahs.
In between, there will now be some
phase noise on the free-run frequency
output. As the noise level increases,
the phase jitter will increase and the
FSK signal will decrease in readabil-
ity. Eventually, the PLL will no longer
be able to lock on to the CW signal.

Effects of the Loop Filter
The simplest loop filter is a first-

order filter with a transfer function:

Ts
K

sH
1

(Eq 1)

Because this is a low-pass filter, it
will have no influence on the dc com-
ponent of the phase detector output.
Yet because it is inside the loop of the
PLL, the filter will affect the dynamic
behavior of the PLL.

For the case of a CW input with no
noise, the PLL output will follow the
input CW frequency. But during the
intervals between the dits and dahs the
loop filter output will not drop immedi-
ately to zero. It will decrease exponen-
tially as determined by the time
constant, T. A small value of T, as com-
pared with the inter-dit interval, will
have little effect upon the readability
of the PLL FSK output. A larger value
will cause the VCO frequency to change
only slowly during this interval. Hence,
the output of the PLL would deterio-
rate in readability as T increases.

If there is only a noise input to the
system, the loop filter will attenuate
the ac components at the output of the
phase detector. The VCO output will
be at the free-run frequency, but with
phase jitter. The significance of the
phase jitter will decrease as the value
of T increases.

In the practical case of a CW input
in the presence of noise, the inclusion
of the loop filter can have a beneficial
effect, but also a negative consequence.
For example, if the CW signal is sent at
20 words per minute, the inter-dit gap
is about 50 ms. If the time constant, T,
is chosen to be of the order of 1 ms, it
will noticeably reduce the phase jitter

during the gaps between the dits and
dahs. It is also small enough to have
little effect upon the transition of the
VCO frequency from the input fre-
quency to the free-run frequency dur-
ing these gaps. The drawback is that
as the time constant increases from
zero, the capture range of the PLL
decreases. This means that the ability
of the PLL to lock on to a CW signal in
the presence of noise deteriorates as T
increases. Reduced response to the
noise is gained at the expense of
reduced ability to track the CW signal.
In practice, a compromise is required,
depending upon the characteristics of
the signals and noise that are expected
to be present at the input.

The 565 PLL
The 565 PLL used in this project

was originally introduced by Signetics
over 30 years3 ago, but it is still avail-
able as the LM565. It is an analog PLL
with a frequency range from 0.001 Hz
to 500 kHz and is well-suited to au-
dio-frequency applications. The free-
run frequency may be set by use of
external components. There is provi-
sion for inclusion of a loop filter. The
main VCO output is a square wave.

In the case of the 565, the lock
range depends upon the free-run fre-
quency and the supply voltage. For a
free-run frequency of 1 kHz and a
12 V supply, the lock range is about
400-1600 Hz, although this range di-
minishes for input amplitudes of less
than 100 mVpk-pk. The maximum allow-
able input amplitude is 1 Vpk-pk. When
the loop filter is omitted the capture
range is equal to the lock-in range. The
presence of a loop filter will reduce the
capture range, however. For example,
if the time constant, T, is chosen to be
on the order of 1 ms, the capture range
is reduced to about 650-1350 Hz. This
is about a 40% reduction as compared
with the range when T is zero. These
figures are for an input without noise.
The presence of noise will decrease
both the capture and lock ranges.

Fig 1—Block diagram of a phase-locked loop.1Notes appear on page 55.

The Audio Filter
To make the PLL a practical device

for the detection and filtering of CW
signals in the presence of noise, it is
necessary to follow its output with an
analog filter. A suitable choice of such
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Fig 2—Audio-filter frequency response for maximum and minimum selectivity.

a filter can greatly reduce the effects of
jitter and attenuate the free-run fre-
quency output during the gaps between
the CW dits and dahs. The filter also
converts the square-wave output of the
PLL to an almost sinusoidal waveform.

In this project, the output of the
PLL is passed through a second-order
audio filter with a transfer function
of the form:

CBss

As
sH

2 (Eq 2)

This is a band-pass filter with these
parameters:

• undamped natural frequency = C
radians/s

• damping ratio
C

B
2

The filter used in this project is a
somewhat simplified version of that
described by Hawker4. In this appli-
cation the undamped natural fre-
quency is continuously adjustable over
the range 500-800 Hz. The damping
ratio is continuously adjustable over
the approximate range 0.004 to 0.08.
Note that varying the selectivity set-
ting (i.e. the damping ratio) has no
effect on the undamped natural fre-
quency. On the other hand, varying
the frequency setting (that is, the
undamped natural frequency) does af-
fect the selectivity to some extent.

Fig 2 shows the calculated fre-
quency response for the filter with the
frequency set at about 650 Hz for the
minimum and maximum selectivity
settings. Fig 3 shows the calculated
frequency response for the filter with
a fixed intermediate setting of the se-
lectivity control for the lowest and
highest frequency control settings.
These responses have been verified ex-
perimentally. As may be seen from
Fig 2, the bandwidth (half-power
point) of the filter is adjustable from
about 10 Hz to about 80 Hz.

The PLL Audio System
A schematic for the complete PLL

audio system is shown in Fig 4 and
Fig 5 shows a photograph of the device.

In Fig 4, the second-order filter is
composed of the two dual operational
amplifiers, U2 and U3. There are two
controls: one for selectivity and one for
the center frequency of the filter.

The phase-locked loop, U1, is shown
without a loop filter. A first-order loop
filter may be added by connecting a ca-
pacitor between pins 7 and 10. There is
an internal resistance between these
pins of about 3600 ohms. Hence, use of
a 0.3 F capacitor would give a time

constant of about 1 ms. The free-run fre-
quency of the PLL is adjustable by
means of the 5 k potentiometer. This
provides a range of about 500-2800 Hz.

U4 is an audio amplifier that drives
a loudspeaker or headphones. There
is also an auxiliary output for connec-
tion to a computer soundcard or other
external device.

The audio input can come from the
audio output jack provided on most
receivers. For example, the output level
at the audio jack on the author’s Drake
TR7 is about 150 mVpk-pk and is inde-
pendent of the setting of the receiver’s
AF gain control. This level is well-suited
to the LM565 PLL.

The audio system is powered by a
regulated 12 V supply.

Use of the PLL Audio System
Fig 5 shows the PLL audio system

which has been constructed. The con-

trols may be seen in the photograph.
The most important are those which
control the PLL frequency, the filter
frequency, and the filter selectivity.

In this system the loop filter has
been omitted. Experiments with the fil-
ter included (with a time constant of
about 1 ms) have shown that, while the
noise level on the system output was
reduced, the reduction in capture range
was significant and adversely affected
the readability of some CW signals.

The PLL frequency control permits
adjustment of the free-run frequency.
In practice, this frequency may be ei-
ther above or below the input frequency
of interest. For inputs which are typi-
cal CW signals, the audio frequency of
the dits and dahs is likely to be of the
order of 600 to 700 Hz, depending upon
one’s personal preference. It has been
found that a free-run frequency of 1 kHz
is appropriate for these CW inputs. The

Fig 3—Audio-filter frequency response for maximum and minimum frequency setting.
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noise-free capture (and lock) range is
about 400-1600 Hz, which is typical of
this device. In the presence of noise this
range narrows and the PLL may lose
lock for weak input signals. In such a
case, moving the free-run frequency
closer to the CW audio frequency can
improve the lock and capture ability of
the PLL. This is because the lock and
capture range for inputs of amplitude
less than 10 mVpk-pk undamped dimin-
ishes significantly. To obtain and retain
lock the input and free-run frequencies
must be closer together. The disadvan-
tage of this, however, is that the audio
filter cannot discriminate as effectively
between the target CW tone and the
free-run frequency. Increasing the fil-
ter selectivity will improve this dis-
crimination, but that has a negative
consequence as described below.

The audio filter has three useful
functions:

• attenuating the free-run frequency
tone between the CW dits and dahs;

• reducing the effect of jitter on the
PLL output caused by input noise
as well as by the presence of ac com-
ponents in the PLL phase detector
output; and

• converting the PLL output from a
square wave to a good approxima-
tion to a sinusoidal waveform.

The filter selectivity and frequency
controls are used to optimize this pro-
cess.

Tuning a CW signal is best accom-
plished by initially using relatively
little selectivity and varying the filter
frequency until it matches the audio
frequency of the CW signal. Then, the
selectivity can be increased in order to
improve the signal-to-noise ratio. As has
previously been mentioned, changing
the selectivity has no effect upon the
center frequency of the filter. Of course,
as the selectivity is increased the tran-
sient response of the filter is such that
eventually, the corners of the dits and
dahs are rounded and ringing may oc-
cur. It is necessary to choose a compro-
mise value of the selectivity.

The presence of the free-run fre-
quency tone between the dits and dahs
of the target signal may, to some ex-
tent, adversely affect the readability of
the CW signal. It is barely noticeable
if the input signal includes significant
noise. It is more noticeable when the
CW signal is accompanied by little
noise. Depending upon one’s personal
preference and hearing ability, the
1 kHz tone can be attenuated by in-
creasing the selectivity. The attenua-
tion of the 1 kHz tone, as compared
with the frequency of the target signal
can be significant, as indicated by the Fig 4—A schematic of the PLL audio system.

graphs in Fig 2. Again, a compromise
may be necessary in order to avoid deg-
radation of the CW readability. As al-
luded to above, if the free-run frequency
is moved closer to the target frequency,
then the attenuation of the free-run

frequency is reduced.

Chief advantages of this system
• the ability to extract very weak

signals from noise.
• the ability to continuously vary both



selectivity and center frequency of
the audio filter.

• the relative immunity of the system
to noise and fading.

• the simple circuit is easy to construct.

The relative immunity of the sys-
tem to noise (QRN) and fading (QSB)
occurs because the output of the VCO
in the phase-locked loop is a square
wave of fixed amplitude. Lightning
crashes, for example, do not cause any
change in the VCO output or the au-
dio system output. Lightning crashes
are not heard, at all, in the system
output. What may happen, however,
is that the PLL temporarily loses lock
and so one hears a brief gap in the
received signal. Thus, the PLL audio
system is an ear-friendly device.
Similarly, when listening to a fading
signal, the fading has no effect on
the VCO output until it becomes deep
enough to adversely affect the
ability of the PLL to retain lock.
When that happens, the output tone
is reduced in amplitude and will
eventually disappear.

Limitations of the system
• it is not suitable for selecting one sig-

nal from among many closely adja-
cent signals.

• as for any system using an analog
filter, ringing may be objectionable
when using high selectivity.

Conclusion
This system is not suited to con-

tests, but it can be very helpful for
DXing. I have used this system to ex-
tract very weak 160-m DX signals
from noise to good effect. The system

is easy to construct, using readily
available components. It is a useful
device for older receivers that lack
integral DSP filtering, and it is com-
petitive in some respects with exter-
nal DSP audio filters.
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1F. M. Gardner, Phase-Locked Loops (New

York: John Wiley & Sons, 1966).
2R. E. Best, Phase Locked Loops – Theory,

Design and Applications (New York:
McGraw-Hill, 1997).

3J. A. Mattis and H. R. Camenzind, A New
Phase Locked Loop with High Stability
and Accuracy (SE/NE 565) (Signetics
Corporation, 1970).

4P. Hawker, Amateur Radio Techniques,
7th edition, p 138 (Radio Society of Great
Britain, 1980)
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Fig 5—A photo of the PLL audio system (Photo by Judy Kavanagh)
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Using the SA605/615
IF Processor IC

By Dan Doberstein

A versatile IC can fill many IF needs.

Philips Electronics introduced the
SA605 in the late 1980s. It was
designed as a generic analog IF

processor for GSM, AMP and other
wireless data/voice systems typically at
a 455 kHz or 10.7MHz IF. The SA605 is
optimized for systems that use some
form of FM.

Phillips produced many parts with
similar or identical internal architec-
ture, such as NE605, SA615, SA625,
SA606 and SA636. Here, I will refer
to this family of devices using a single
part number, SA605. Philips has
ceased production of many of the vari-
ants of the SA605, but the SA605 and
the SA615 are still active as I write,

with the SA615 being a reduced-per-
formance version of the SA605. This
is a good thing. Although digital IFs
are taking over, there are still things
you can do with an analog IF strip that
are hard to beat for power/cost/com-
plexity and so on.

A Brief Overview
Fig 1 is a block diagram of the SA605.

The chip has a mixer, oscillator, ampli-
fier, a limiter and a final mixer that is
typically used for quadrature FM de-
tection. The figure also shows—in block
form—the typical external elements
that are most commonly used. The in-
ternal mixer and oscillator are used to
convert the RF input to the IF selected
by the designer. The oscillator can be
configured as either a crystal or L/C
oscillator. Additionally, an external
source can be injected at pin 4 for use

as the LO signal. The following stages
of amplification and filtering prepare
the signal for power detection (RSSI)
and FM demodulation.

The received signal strength circuit
or RSSI provides the designer with an
output that is directly proportional to
applied signal power. It is normally low-
pass filtered before being used in sub-
sequent processing. The RSSI is scaled
logarithmically and is quite useful in
debugging as well as applications such
as AM-demodulation or power measure-
ment. Key to stable operation are two
bandpass filters at the input and out-
put of the amplifier as well as dc by-
pass capacitors. The bandpass filters
are typically, but not always, ceramic,
as we shall see. The combination of
these internal features allows the
SA605 to perform a variety of signal-
processing functions such as down con-
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version, demodulation, and so on.
Of great importance is the quadra-

ture element block. It’s here that the
limited signal (I) is phase shifted by
approximately 90°. This shifted version
of the signal (Q) is then multiplied with
I to produce what is called quadrature
detected FM. This element can be an
L/C tank, ceramic or a quartz crystal.
In general, as the Q of the quadrature
element rises, the sensitivity of the FM
demodulator increases. The detected
FM is then low-pass filtered to provide
the demodulated signal.

It is not the purpose of this article to
fully explore how the SA605 operates
but rather focus on some atypical
applications and practical details of
using this device. For the reader who
wishes more information on SA605 they
should visit the Philips Web site
www.philips.com and download the
excellent application notes and data
sheets relevant to the SA605 and its
family members. Some of these appli-
cation notes are listed in the References
at the end of this article. The references
include details of how to design the
matching networks, quadrature ele-
ment, oscillator circuits, matching for
the band-pass filters, and so on. See
References 1, 2 and 3.

PC-Board Layout and
Circuit-Debug Issues

The SA605 has great gain. The
gain, including the mixer conversion
gain is over 100 dB. This creates the
potential for self-oscillation if proper
PC-board planning and layout is not
done, even with a good set of circuit
values. The device has a “hot” side and
a “cold” side. The cold-side pins 1-10
tend to be well behaved. The hot side
is from pin 11 to pin 20. This side of
the device generally causes any sta-
bility problems. The reason is simple:
Very high gain. The typical gain from
output of the mixer to the limiter out-
put is greater than 80 dB after typical
insertion losses due to filtering. The
impedance of the Mixer, Amplifier and
Limiter is also relatively high which
tends to exacerbate the stability issue.
Needless to say careless PC-board lay-
out is ruinous and the device will “run
away” and create a self-oscillating
disaster.

Fig 2Web1 shows our first applica-

tion circuit, A 10.7-MHz bandpass fil-
ter using a crystal filter as the first
filter section to achieve a 1 kHz, 3-dB
bandwidth. We will discuss this circuit
more later, but here we will use it to
discuss some PC-board layout issues.
The SA605 needs to have four pins on
the hot side bypassed to groun
(RF short, dc open) using high-value
capacitors. These are pins 19, 17,13
and 12. The path length from the pin
to the capacitor and from the capaci-
tor to ground should be as short as
possible.

One way to test these bypass capaci-
tors is to touch their ground or the hot
side using a mid-value resistor while
monitoring the RSSI voltage with a dc
voltmeter. Use 2 kΩ to 10 kΩ in series
with your hand to prevent possible
damage to the IC. (If you are in a high
static environment, wear a grounding
strap too.) Simply touching ground
should not affect the circuit right?
—not necessarily.

The topside ground is not an RF
dead short to the bottom side ground
plane (though it may be a nearly so
for dc). due to the parasitic inductance
of typical ground connecting vias. Due
to the high gain even the small para-
sitic inductance of the “ground-connect
vias” is significant. This inductance
allows the signal you are introducing
(by touching the circuit) to enter the

IF strip and raise the RSSI voltage.
The same test on the pin side of dc-

bypass capacitors will also raise the
RSSI voltage even more than does
touching nearby ground points. The
capacitor has parasitic series induc-
tance which allows the ac signal you
introduce (by touching it with that
resistor) to rise above RF ground po-
tential. Additionally, if high impedance
filter elements are used, the electric
field tends to “lift” off the PC-board
(greater impedance means greater
voltage means greater E field). You can
typically notice changes in RSSI, in
such cases, by just getting near pin 16
with any metallic probe. In fact, the
combination of high-frequency opera-
tion and high-impedance filters is
“toxic” to the SA605—making it quite
difficult to keep stable.

Much can be determined by this
simple touching method. For example,
how good is your PC board layout, and
where are the hot spots in the layout?
This discussion also shows how key
the RSSI voltage is in determining
design stability.

Philips says the RSSI should be less
than +0.25 V dc with no signal input to
the device. Anything above this value
indicates self-oscillation. My experience
indicates that this is a good measure
that can often be exceeded (lower RSSI
voltage /no signal). The difficulty one

Fig 1—Block Diagram of SA605 with major external elements.

1Because this article explores many possible
uses of the SA605, it includes many large
schematics that would have consumed
much page space. To fit the page con-
straints of this issue, we have placed many
(those followed by “Web” in the text) of the
schematics on the ARRLWeb. If you want
to see them, visit www.arrl.org/qexfiles/
and look for 5x05Doberstein.zip.
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has in reaching that goal of RSSI be-
low 0.25 V dc depends not only on cir-
cuit layout, but also on what imped-
ances the IF strip “sees” at the various
input and output pins on its hot side.

PC-Board Layout and Design
Issues

Start with a known design and
modify it as needed. See Philips ap-
plication notes and data sheets. Keep
trace lengths as short as possible.

Surface-mount components that
connect to ground should each have
their own ground via, that is, at least
one via per ground connection. Pay
close attention to those ground vias
used on those capacitors to ground for
pins 19, 17, 13 and 12. Two vias per
ground connection wouldn’t hurt here.

Use a continuous (if possible) ground
plane on the board bottom side.

If possible, use a top-side ground
plane directly underneath the SA605,
stitched to bottom ground plane with
multiple vias.

Good dc supply decoupling on pin
6. Keep the first cap to ground close
to the IC.

With no input, use RSSI voltage to
help debug layout issues.

Although the device is typically
operating at an IF, treat it like an RF
device. Use lots of ground vias, ground
plane and so on. In general, use good
RF layout practices to tame the high
gain problems. Avoid long traces, per-
pendicular runs, not parallel etc.

FR-4 is fine. 1/16-inch boards work
well. There may be some improvement
with thinner PC boards as ground vias
are shorter.

Example Circuits
Now that we have gotten past our

brief introduction to the SA605 it’s
time to move on to some example cir-
cuits that use the SA605 in some
(hopefully) atypical ways. The SA605
has typically been used at IFs of
455 kHz or 10.7 MHz. This is due to
the availability of inexpensive ceramic
filters. Yet ceramic filters are not al-
ways at the frequency you need or the
bandwidth you want. Several ex-
amples are given below that achieve
bandwidths not found in ceramic fil-
ters at the IF used or a filter center
frequency where no ceramic filters are
available. In addition to these band-
pass circuits a narrow band BPSK
demodulator circuit is presented. The
circuits present use mostly off the
shelf, commercially available parts.

row filter like this, but if you do, this
might work for you. Fig 2Web shows
the circuit. In this circuit the Mixer/
Oscillator section the SA605 is used
to down-convert an IF at 10.7 MHz to
an IF at 4 MHz. It’s much easier to
build a 200-Hz-bandwidth filter at
4 MHz than at 10.7 MHz. That is the
strength of this method.

The new IF passes through crystal
filters centered on 4 MHz to achieve a
3-dB bandwidth of approximately
200 Hz. The conversion is done by mix-
ing the incoming 10.7 MHz with a
crystal based LO of 14.69 MHz pro-
vided by the oscillation section of the
SA605. The input to the SA605 mixer
is done using an off-the-shelf IF trans-
former. This does matching and allows
the mixer to be driven in a balanced
way. This is optional and a single
ended connection/match can be config-
ured at the expense of increased spu-
rious and reduced dynamic range.

The first crystal filter is a two-pole
filter using a M/A-COM 1:1 micro
transformer to produce the 180° phase
shift between the two elements. Again,
this can be fabricated with 3 to 4 turns
for primary and secondary on a small
ferrite bead if one wishes. The second
filter is just a single pole, which gives
stability and skirt rejection to circuit.
The three 4 MHz crystals used in the
filter section were not matched (be-
yond having the same manufacturer)
and are commonly available. The
crystal at 14.69 MHz is also readily
available; it was not custom cut.

Finally, the bandwidth of this filter
can be narrowed from 200 Hz to pos-
sibly as low as 50 Hz. This can be done
by Lowering the impedance the crys-
tal filter sections “see” at their termi-
nations can do this. As the impedance
drops the bandwidth will narrow.

the response of the ceramic filter is
reached at approximately ±50 kHz
from the IF passband center. At that
point, signal rejection increases rap-
idly due to the skirts of the ceramic
filter. The RSSI output is low-passed
to a 10 kHz bandwidth. It could be
used for narrow-band AM, power de-
tection, and so on.

A 10.7 MHz IF with 15-kHz
Bandwidth and Steep Filter
Skirts

The circuit of Fig 4Web is an appli-
cation of integrating a commonly
available 10.7-MHz crystal filter into
a SA605 IF subsystem. As in the pre-
vious case, the mixer/oscillator sec-
tions of the SA605 are not used. The
first part of the circuit is an emitter-
follower circuit set up as an impedance
transformer from 50 Ω to the high im-
pedance of the crystal filter. The crys-
tal filter is readily available and has
a bandwidth of approximately 15 kHz.
Again, a low-cost 10.7-MHz ceramic
filter with a bandwidth of about
280 kHz is used for the second filter
spot. The variable capacitor at C11 is
used to exactly match the crystal-
filter input.

The response—once tuned—is ex-
cellent with a very steep roll-off and
almost flat passband. RSSI is low-
passed and used for typical testing, de-
modulation, power measurements and
such. The input matching to the SA605
is a bit complex and could most likely
be simplified considerably.

A schematic for a 21.4 MHz IF
(1.5 MHz bandwidth, Fig 5Web) is in
the Web package (see Note 1).

A Narrow Bandwidth BPSK
Demodulator Using the SA605

Traditionally, the SA605 has been
configured as a medium to narrow
bandwidth FM demodulator. The cir-
cuit we now discuss will demodulate
narrow-band Binary Phase Shift Key-
ing (BPSK) that is present on a
10.7 MHz IF. Fig 6 shows a block dia-
gram and some typical waveforms
from the circuit. In this discussion, the
stages proceeding the demodulator
section have been omitted. These could
be from the circuits cited above (nota-
bly the 1-kHz bandwidth at 10.7 MHz
circuit) or other 10.7 MHz IF imple-
mentations. The focus here will be on
how the demodulator works.

BPSK is phase modulation not fre-
quency modulation. But the time de-
rivative of phase is frequency. This
means that an FM demodulator will
respond to a BPSK signal with the de-
rivative of the modulation present on
the carrier. For BPSK, the modulation

10.7-MHz Bandpass IF with
1-kHz Bandwidth

The circuit of Fig 3Web is a hybrid
of a two-pole crystal filter and a com-
monly available 10.7 MHz (110 kHz
bandwidth) ceramic filter. In conjunc-
tion with the SA605, this gives an IF
bandwidth of about 1 kHz. In this ap-
plication, the mixer of the SA605 is not
used, only the IF side components. The
crystal filter is implemented by using
two, non-matched (but from the same
manufacturer), off-the-shelf crystals
at 10.73 MHz). The micro-transformer
between them is a 1:1 part available
from M/A-COM. Or, you make one
with a few turns each for primary and
secondary on a small ferrite bead. The
response is decent. The two-pole crys-
tal filter gives about 25 dB of rejec-
tion out of its center passband until

A 200-Hz Bandwidth Filter at
10.7 MHz

Its not often one needs a very nar-
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Fig 6—Block Diagram and timing waveforms of the BPSK demodulator.

Fig 7—(Right) An oscilloscope photo
made with a ×××××10 probe. The top trace
shows the phase pulses resulting from a
modulation signal (bottom trace) at
approximately 100 Hz.

typically can be modeled as a random
binary data stream at some bit rate.
The time derivative of such a data
waveform results in a series of im-
pulses, one at each data-rising or
falling edge.

Time Waveforms
The waveforms of Fig 6 are keyed

to the block diagram and show the de-
modulation process in the time do-
main. Waveform A of Fig 6 shows the
BPSK signal with its 180° phase-tran-
sition points exaggerated for clarity.
Waveform B shows the FM demodu-
lator response, an impulse at each
180°-phase transition. Waveform C
results from applying a threshold
detector to waveform B thereby con-
verting the impulses to a TTL signal.
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pulses went from positive (rising edge)
and negative (falling edge) to all posi-
tive-going pulses. If the operation
point is chosen, where phase pulses
are positive and negative, then an ad-
ditional full-wave rectifier must be
added to the processing before the
threshold detector. In any case, the
“sweet spot” of the demodulator can
be tracked by a dc coupled AFC loop,
if needed. The top trace of Fig 7 shows
the positive-going phase pulses from
an approximate 100-Hz square-wave
BPSK signal. The modulating wave-
form is shown in the bottom trace of
Fig 7.

Schematic
Fig 8Web shows the schematic ver-

sion of the block diagram of Fig 6. The
demodulated signal is first low-pass
filtered with the 100 kΩ - 0.01 μF pair
then buffered with an op amp. At this
point, the signal is ac coupled to an
LM360 limiter (which is overkill
here!). This ac coupling blocks the dc
offset present on the signal from the
SA605. Next, the signal is passed
through the buffer amplifier. After lim-
iting and “thresholding” at the LM360,
the signal triggers a 74LS221 one-
shot, stretching the pulse. The time
constant of this one-shot is set to about
one half the data clock period. Lastly,
a 74LS74 divides the signal by 2.

This circuit illustrates how a single
crystal can be used as a narrow band-
width quadrature element in a SA605
IF system. It also shows that a few
simple common building blocks can be
strung together to convert the FM de-
modulator output of the SA605 into a
BPSK demodulator. The demodulator
presented here is limited to data rates
producing bandwidths of approxi-
mately 1 kHz. For higher rates, the
crystal quadrature element should be
replaced with a lower-Q device.

Conclusion
Several applications of the SA605

IC have been presented. I hope that
you are inspired to try some of your
own ideas, or “spin-offs” of those pre-
sented here. For more applications of
the SA605, visit the DKD Instruments
Web site, www.dkdinst.com/
articles.
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Fig 9—Discriminator curve for a 10.75 MHz
crystal quadrature element.

Simultaneously, an adjustable pot sets
the point of voltage, which must be
crossed, for a pulse to be declared. The
pulse is stretched to “blank out” any
smaller subsequent pulses close to the
main pulse. Lastly, waveform C is

divided by two, which recovers the
original data.

Quadrature Tank Issues
Since the signal bandwidth is as-

sumed narrow, a narrow-band FM de-
modulator was needed. Standard L/C
quadrature tank circuits at 10.7 MHz
result in FM demodulators that are too
wide, which lowers the sensitivity of
the demodulator (smaller phase pulse
height). To meet this need a single
crystal at 10.7 MHz is used as the
quadrature element. Fig 9 shows the
FM discriminator response when a
nominal 10.73 MHz crystal is used as
the quadrature element in the SA605.
The resulting FM center frequency is
shifted from that shown on the crys-
tal by the SA605 internal impedances.

Phase-Polarity Issues
An unexpected feature of the de-

modulator was discovered. When the
IF was offset slightly from the center
of the quadrature crystal, the phase
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Out of the Box
By Ray Mack, WDFIFS
QEX Contributing Editor

LINEAR TECHNOLOGY
SWITCHERCAD III—MORE
THAN JUST SWITCHING!

Linear Technology has provided a
CAD software package for free for a
number of years. I first became ac-
quainted with it when I started writ-
ing switching power supply articles for
QEX. Linear Technology has steadily
improved this package over the past
5 years. The primary purpose of
SwitcherCAD is to allow the simulation
of a switching power supply using one
of Linear Technologies’ switchmode in-
tegrated circuits, but if you stop there
you will miss a very capable CAD tool.
If you looked at SwitcherCAD even a
year ago and did not find it useful, you
should look again.

SwitcherCAD/LTSpice will run on
modern Windows (95, 98, NT, 2000, XP)
as well as on Linux platforms. It re-
quires more than 200 MB of disk space
and more than 128 MB of memory to
keep the CPU working efficiently. The
help file is one of the best I have seen. I
find the help for Microsoft products are
usually a waste of disk space by com-
parison. You will be able to find every-
thing you need to know to make good
use of the program in the help files.

You can look at transient and steady
state response for a wide variety of
switchmode circuits using the Spice fea-
tures. Linear Technology re-wrote ma-
jor sections of Spice to fix bugs and im-
prove the transient analysis to enable
accurate modeling of switchmode sys-
tems. A major capability is what if
analysis of switchmode designs to see
the effects of things like the ESR of your
filter capacitors on circuit performance.

The first useful feature you will en-
counter is the schematic capture tool.
There are symbols for most of the ordi-
nary devices like transistors, FETs, re-
sistors, capacitors, etc. What was sur-
prising was the inclusion of a small
number of vacuum tube symbols. If you
don’t find the symbol you need for your
schematic, you can very easily create
your own schematic symbol using lines,
circles, arcs, and text. The snap to grid
feature is very handy for both symbol
design and schematic entry. Previous
versions used text entry to design sym-
bols, so the new graphical method is
quite an improvement. The only thing
I found annoying was getting the drag
tool to grab one end of a line to stretch

it or move only one end. It takes a little
getting used to and is not quite intui-
tive. Another useful feature is the abil-
ity to make hierarchical schematics. You
can produce a schematic for a pretty
complicated design.

The Spice capabilities are easy to use
and well documented. It is especially
useful for simulation of filters and or-
dinary linear circuits. The library in-
cludes a large number of models for
linear ICs and various transistors.

For more information, check out Lin-
ear Technologies at www.linear.com/
software.

INSTRUCTIONAL CD VIDEOS
FROM NOBLE PUBLISHING
Filter Design by Transmission Zeros,
ISBN 1-884932-23-1, $99. Lumped-
Element Transforms, ISBN 1-884932-
29-0, $89. Q from A to Z, ISBN
1-884932-22-3, $79. $229 for the whole
set of three videos.

These three videos comprise a series
that complement using GENESYS soft-
ware from Eagleware. Randy Rhea, the
author of the GENESYS software pack-
age, presents the material on these
CDs.

I found the filter design video and
lumped-element transform video quite
interesting since it has been a long
time since I studied those topics in
school. Most QEX readers will likely
not find anything new in the Q video.
I have never used the GENESYS soft-
ware, but it looks to be very useful for
those who will be designing analog fil-
ters. The software will take a math-
ematical filter description and allow
manipulation of the order of elements
for optimal response.

Randy has a rather slow, deliberate
presentation style that seems a little
odd at first. However, if English is not
your first language, the style will be
very helpful. If you purchase the
GENESYS software package, I recom-
mend these videos as training materi-
als. Each video lasts for approximately
45 minutes. It is easy to select indi-
vidual lessons and repeat them.

Theory and Practice of Transmission
Line Transformers, ISBN 1-884932-
33-9, $99.

This video can accompany the book
Transmission Line Transformers by
Jerry Sevick. The book is only $49, so I
would suggest buying the book before
the CD. If you find the book useful, the
additional presentation of the video
would be worthwhile. Jerry’s presenta-
tion is much more conversational than
Randy’s presentation in the filter series.
The video is informative, but many of
the graphics that are included from the

book do not have enough resolution to
really appreciate the point being made.
This is another reason to recommend
that you buy the book first.

All four videos are set up to use lim-
ited resolution to accommodate less
powerful Windows computers. Since
these videos require Windows 95 as a
minimum, it is unlikely that you
would use these on a computer with
less than 1024 by 768 resolution. It is
not possible to set the viewer to use
the full resolution of your monitor. It
simply shows in a small window on
your desktop. My first installation had
trouble with the Quicktime 4 software
package, but that was almost certainly
an issue with Windows 2000.

To use the videos, you will require
a computer system running Windows
95, 98, 2000 or XP with a 333 MHz or
faster Pentium II CPU, 64 MB RAM,
Sound Card and a CD ROM drive.

Publisher: Noble Publishing, 1334
Meridian Rd, Thomasville, GA 31792,
www.noblepub.com, tel; 229-377-
4289

Design— Experimentation—
Measurement

QEX 5/2004

Experimental Methods
in RF Design brings
professional RF design
experience to the radio
amateur. It’s written for
anyone with a driving
curiosity about state-of-
the-art equipment.
Contents:
 • Basic Investigations in Electronics
 • Chapters on Amplifiers, Filters, Oscillators,

and Mixers
 • Superheterodyne Transmitters and

Receivers
 • Measurement Equipment
 • Direct Conversion Receivers
 • Phasing Receivers and Transmitters
 • DSP Components
 • DSP Applications in Communications
 • Field Operation, Portable Gear, and

Integrated Stations

Experimental Methods in RF Design
512 pages. ARRL Order No. 8799 — $49.95*
*shipping: $10 US (ground) /$15.00 International

ARRL The national association for
AMATEUR RADIO

SHOP DIRECT or call for a dealer near you.
ONLINE WWW.ARRL.ORG/SHOP
ORDER TOLL-FREE 888/277-5289 (US)

CD-ROM included with design
software, listings for DSP firmware,

and supplementary articles.
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Tech Notes
EVALUATING SPEECH
QUALITY
by Ron Skelton, W6WO
4221 Gull Cove Way
Capitola, CA 95010
w6wo@arrlnet

Achieving efficient speech quality
over wireless links has always been a
keen interest of Radio Amateurs. As
far as I know, our methods for evalu-
ating alternative modulation schemes
and components (such as microphones
and DSP units) have been only sub-
jective in nature. Subjective testing
has a long history in both analog and
digital telecommunications. In recom-
mendations P.800 and P .961, the ITU
rigorously defines how such tests
should be made with panels of human
listeners. Without such rigor, the re-
sults of subjective testing done by pro-
fessionals or Amateurs are inherently
unreliable.

I want to raise a question here: How
should we evaluate significant new
technologies, and in particular, digi-
tal voice schemes?

With the recent growth in telecom-
munications, commercial wireless
network providers and equipment
manufacturers have developed a
strong interest in ways to quantify
communications quality without the
cost and difficulty associated with sub-
jective testing.

The approach that appears to be
gaining momentum follows ITU rec-
ommendation P.8 62, entitled, “Percep-
tual Evaluation of Speech Quality”
(PESQ).

PESQ is an objective measurement
tool that predicts the results of sub-
jective listening tests. PESQ uses a
sensory model to compare the origi-
nal, unprocessed signal with the
degraded signal from a network or net-
work element. The resulting quality
score is analogous to the “Mean Opin-
ion Score” (MOS) measured using hu-
man listeners according to ITU-T
P.800.

PESQ accounts for coding distor-
tions, errors, packet loss, delay (fixed
and variable) and filtering in analog
network components. The perfor-
mance of a network or a network ele-
ment can be fully characterized either
directly from the analog connection or
from speech files recorded elsewhere.

ITU-T efforts in the standardiza-
tion of PESQ were designed to ensure
that it has good performance in assess-
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Fig 1—Voice quality
testing as implemented
by GL Communications
Inc.

detailed measurements for each re-
cording. The “degraded” voice files can
be analyzed in real time or in a “post-
processing” manner by the VQT soft-
ware.

GL’s VQT utilizes three widely ac-
cepted algorithms to perform the voice
comparisons. The Perceptual Analysis
/ Measurement System (PAMS) per
Recommendation P.800, the Percep-
tual Speech Quality Measurement
(PSQM) per Recommendation P.961,
and the Perceptual Evaluation of
Speech Quality (PESQ) per Recom-
mendation P.962. PAMS predicts over-
all subjective listening quality (a
human’s perception of quality) with-
out requiring actual subjective testing,
which is a very expensive and time-
consuming process. PSQM predicts
subjective quality of speech codecs
without requiring subjective testing.
PPESQ provides an objective mea-
surement of subjective listening tests
on telephony systems. GL’s VQT per-
forms analysis using all algorithms si-
multaneously, producing results for
each in easy to understand graphic
and tabular formats.

In my view, the ARRL Lab and
Amateur Radio Community should
adopt a standard method for voice-
quality testing, possibly using an
approach similar to that of GL
Communications.

ing conventional fixed and mobile net-
works and packet-based transmission
systems.

Accurate and repeatable measure-
ments of the active speech level, ac-
tivity, delay, echo, noise and speech
quality can be obtained quickly using
the artificial speech test stimulus in
different languages. A graphical map-
ping of errors provides useful insight
into how the signal has been degraded.

An ANSI-C software implementa-
tion of PESQ is provided as an inte-
gral part of recommendation P.862.
This powerful test tool can be deployed
in many different network scenarios
using any speech-communication
technology.

There are several vendors with
products focused on voice quality test-
ing. One example is the approach
taken by GL Communications Inc. The
following text and diagram are based
on their Web site at www.gl.com/
awvqt.

GL’s Automatic File Transceiver
(AFT) software combined with GL’s
Voice Quality Testing (VQT) software
permits simple “end-to-end assess-
ment” in an efficient, portable and
hassle-free product. Results include
Mean Opinion Scores (MOS), which
provide an excellent overall measure-
ment of end-to-end voice quality, and
detailed measurements provide fo-
cused measurements of specific im-
pairments. GL’s solution is compact
and portable: two notebook computers
utilizing AFT and VQT software pack-
ages and a few hardware accessories.
Independent locations connected to
the wireless network via mobile
phones can be easily configured for
sending reference voice files and re-
cording the received degraded files,
thus allowing end-to-end path analy-
sis. The AFT GUI (graphic user
interface) acts as the engine for syn-
chronously transmitting and record-
ing files (“reference” and “degraded”
files) across wireless connections. VQT
software provides the MOS and other

In our next issue, Ulrich Rohde,
N1UL, explores receiver testing.
Ulrich separately discusses single-
and two-generator measurements. He
uses the Rohde&Schwartz EK895
receiver as his sample and takes Eu-
ropean standards—some of the tough-
est—as his criteria.

In the next issue of
QEX/Communications

Quarterly
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Letters to
the Editor

RF Power Amplifier Output
Impedance Revisited (Jan/Feb
2005)
Dear Doug,

Thanks for forwarding Warren
Bruene’s (W5OLY) response to my ar-
ticle. I owe much to Warren’s help in
seeing how I could address the conju-
gate-match issue short of trying to
solve the nonlinear differential equa-
tions.

I understand that Warren is inter-
ested only in linear SSB power ampli-
fiers. It occurred to me, however, that
others might be interested in the en-
tire range of RF power amplifiers from
class A through C. The analysis of the
design process in my paper is identi-
cal to that in Terman’s Radio Engi-
neers’ Handbook, except that I include
the effects of plate saturation resis-
tance and cover the entire range of
conduction angles in addition to ad-
dressing the output impedance.

In a preliminary draft, which I
showed to Warren, my Fig 2 included
numbered axis labels. At that time, be-
cause of Warren’s comments, I re-
moved the numbered labels so that
one cannot determine rp, gm or any
other parameter—voltage or current.
I wanted to avoid arguments over
which tube to use. The figure is a gen-
eralized plot of Eq 1 and provides a
linear approximation to both triodes
and pentodes, regardless of their pa-
rameters.

I introduced the 3/2-power tube
only to demonstrate that the results
obtained for ideal linear tubes are
rough approximations to other, more
realistic, tube models. My Eq 1 is the
general equation for the ideal linear-
tube model. You can plot ip versus ep,
eg versus ep or ip versus eg curves
from this equation. I do not use graphi-
cal calculations in my paper, and
therefore it does not matter which set
of curves you use to characterize the
tube.

As I pointed out, Warren’s method
of measuring Rs is perfectly valid for
ideal class B and is therefore valid for
the case that Warren is interested in.
I was not complaining about the am-
plitude of his frequency-offset test
signal. Rather, it was the fact that a
frequency-offset test signal is equiva-
lent to a signal whose phase rotates
slowly with respect to the output-volt-
age phase. Since the source impedance
changes with the phase angle of the

test signal his measurement repre-
sents some sort of an average over a
360° change in that phase.

I acknowledge that I am not quali-
fied to address broadening the band-
width of an antenna by controlling the
power amplifier’s output impedance.
I introduced the subject only to point
out the importance of the output im-
pedance in RF power-amplifier design.

Thanks also for forwarding Bert
Weller’s (WD8KBW) response to my
article. Bert and I have had very use-
ful exchanges of information via
e-mail, which have caused me to re-
examine my Appendixes C and D.

1. Bert claims, “An RF power am-
plifier can be represented by a
Thevenin’s equivalent circuit with con-
stant parameters,” and that “...there
is a simple derivation that, on a dif-
ferential basis, any source having a
maximum power output at some load
impedance, is conjugately matched to
that load, regardless of the linearity
of the source.” Bert’s approach does not
adequately model all the essential
features of a nonlinear, non-time-sta-
tionary RF power amplifier. The deri-
vation of Eq 17 demonstrates a
counter-example that disproves Bert’s
general contention.

2. Since Bert’s item 1 is not appli-
cable to RF power amplifiers, his cor-
ollary 2 is irrelevant.

3. Ditto for corollary 3.
4. There are many constraints in RF

PA circuit design, including the tube’s
voltage, current and power ratings.
Maximizing the power output for a
fixed grid-drive is an option only if you
do not run into one of these con-
straints. Cases involving these con-
straints are covered in Eq 13.

5) I have discovered an error in
Appendix D, and I now agree that the
load-variation method does measure
an RF power amplifier’s source resis-
tance, as Bert claims. I wish to apolo-
gize for unintentionally misleading
readers on this important point.

The errors in Bert Weller’s Eq 4 and
my Appendix D stem from the same
oversight. Examination of Eq A2 re-
veals that if either Ec, Eb, Eg, or Ep
change, then the conduction angle
must change. In measuring the source
resistance, Rs, the voltages Ec, Eb, and
Eg are held constant while the ac plate
voltage, Ep, is changed by the appli-
cation of an external ac test signal.
Once Eq A2 is substituted for μEc +
Eb, as in Eq A3, there is the implicit
assumption that the conduction angle
is held constant and therefore that
either Ec or Eb is changed to accom-
plish this. This implicit assumption
carries over to all later equations

based, either directly or indirectly, on
Eq A3. To my knowledge, RF power
amplifiers are seldom, if ever, designed
to hold the conduction angle constant
when the ac plate voltage changes by
means of changing Ec or Eb. Both
Weller’s Eq 4 and my Appendix D are
based on Eq A3 and are therefore in-
correct. Eq A3 can be substituted to
simplify the final results but cannot
be substituted prior to differentiation
with respect to any of the involved
variables since the substitution hides
the dependence of the derivative on
these variables.

Re-examination of Appendix C re-
vealed that the results are valid, but
the derivation is not rigorous because
it does not include the changes in the
magnitude and phase of the conduc-
tion angle due to the test signal. So
far, I have been unable to obtain a rig-
orous derivation including these
changes, except for the case where the
test voltage is in phase with the out-
put voltage.1 The results in Appendix
C have, however, been validated to an
accuracy of better than 0.01% over the
entire range of conduction angles and
test-signal phases by numeric simu-
lation using MATHCAD. In that simu-
lation, the effects of the change in the
conduction angle’s magnitude and
phase are included in the calcula-
tions. Best regards—Bob Craiglow,
craiglowrl@juno.com

1The derivation may be downloaded in Word
format at www.arrl.org/5x05Craiglow.

An Inexpensive Terminal Node
Controller for Packet Radio
(Mar/Apr 2005)
Doug,

It appears that portions of my copy-
righted code “Son of TinyTrak (SOTT)”
was used without credit. I have pro-
vided for you simple examples that are
limited to source code comments be-
cause they are easy to compare by
someone that is not a PIC program-
mer. Examples of actual microproces-
sor code being identical can also be
produced. For example, the interrupt
code that drives the R2R ladder is es-
sentially the same—down to the “goto”
labels.—Mike Pendley, K5ATM,
k5atm@arrl.net

Author’s reply
Mike,

I inadvertently omitted credit to
you for your work on the tone-genera-
tion interrupt-level code for the $25
TNC published in the last (Mar/Apr
2005) QEX issue. This code was origi-
nally developed by you for Son of
TinyTrak (SOTT). SOTT is available
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for free download at the TinyTrak user
group at http://groups.yahoo.com/
group/TinyTrak/. Thanks, Mike, for
your contribution!—73 de Bob Ball,
WB8WGA, wb8wga@arrl.net

A Study of Phased Vertical
Arrays (Mar/Apr 2005)
Doug,

At the end of Al Christman’s article,
he briefly mentioned the difference in
performance between a standard
broadcast-style ground system (where
the radials are bonded to a common
strap where they intersect) and a
ground system where the radials for
each element are made full length and
not connected to the radials associated
with other elements. He pointed out
that there was a small but detectable
improvement with the non-intercon-
nected systems.

The reason for this is easy to see.
For a radial to be effective in shield-
ing the soil from the H-field, the ra-
dial needs to be at right angles to the
field lines. As you deviate from a 90°
angle, you get progressively less cur-
rent in the radial and more in the soil,
until (when the radial is parallel to the
field lines) it has no effect at all. For a
single-element vertical, a set of ground
wires arranged radially around the
element meets the requirement natu-
rally. On the other hand, for a multi-
element array with the broadcast style
of ground system, there will be many
areas where the wire orientation is not
optimum, and the ground losses are
higher than they could be.

From a practical point of view, the
broadcasters are more than willing to
exchange some small additional loss
for a ground system that is much sim-
pler to install. In an antenna system
for a patient ham, however, where the
ground wires may be simply stretched
out on the ground surface, it might be
worth the trouble—if you consider a
few tenths of a decibel worth chasing.

Others have raised this point
before: Jerry Sevick, W2FMI (QST,
June 1972, pp 14-18); and Ogden
Prestholdt, “The Design Of Non-
Radial Ground Systems For Medium-
Wave Directional Antennas,” Annual
National Association of Broadcasters
Engineering Conference, 1978.—73,
Rudy Severns, N6LF, n6lf@arrl.org

Distortion and Noise in OFDM
Systems (Mar/Apr 2005)
Doug,

Thanks for your article on OFDM
and for editing such a great magazine.
I think that there are a few errors in
your article on OFDM that I would like
to correct:

In the first paragraph you state,
“Here, orthogonal means mutually
exclusive, rather than at right angles.”
I have no idea what you mean by “mu-
tually exclusive,” but orthogonal really
does mean that the carriers are at
right angles to each other, in the “sig-
nal space,” which is many-dimen-
sioned (two per carrier).

Fig 2 is labeled as a “16-tone con-
stellation display.” In fact, it is a
QAM16 constellation, and it is impos-
sible to tell from the display how many
tones are represented, since each
would overlap. In the text you state
that “each cloud represents one
subchannel.” This is wrong for the
same reason. Each subchannel will
produce all 16 clouds you see there, if
you are using a QAM16 modulation,
no matter how many tones (sub-
channels) you use.

Again in fig 2, and in the accompa-
nying text, you state that the clouds
show noisy or distorted conditions. I
would clarify that as follows: A noise-
free and distortion-free signal would
show dots. Those dots are broadened
into circular clouds by Gaussian noise.
Distortion causes misshapen and/or
misplaced clouds. Phase noise
causes the clouds to distort into arc-
like shapes, with a center at the
origin.—73, Matt Ettus, N2MJI;
matt@ettus.com

Hi Matt,
Thanks very much for your com-

ments. I used “orthogonal” in the sense
of the Oxford English Dictionary’s ter-
tiary definition: “3. Statistically inde-
pendent... having variates that can be
treated as statistically independent.” It
is possible for subcarriers to be 90°
apart in “signal space” at all times, but
that is not part of a general definition
of orthogonal frequency division mul-
tiplexing (OFDM), although it may be
a design goal.

My constellation display might rep-
resent 16-ary quadrature phase-shift
keying (QPSK) as easily as QAM16
(quadrature amplitude modulation).
You are right that a QAM16 system
could produce a similar display where
only one subcarrier is used, and you
cannot tell by only looking at the fig-
ure how many tones are represented.
The caption explains it, though. Each
cloud in my display represents one
subchannel because that’s the way it
was designed. I maintain that when
data in adjacent subcarriers are
uncorrelated, intermodulation distor-
tion—or any other kind of distortion—
produces circularly symmetrical dis-
tortion in the clouds. A more clever
design would produce the shapes you

mentioned.—73, Doug Smith, KF6DX,
kf6dx@arrl.org

A Suggestion
Doug,

I hope that it is appropriate for me
to suggest projects that someone could
develop. I love to build, but I barely
have time at this point to construct
kits, so I hope that someone will con-
sider these three suggestions for de-
velopment.

1. The first is a QRP class-E trans-
mitter that could run from 3-4 V dc. I
was excited to see the recent article
about the 200-W CW transmitter that
runs from 12 V. A QRP transmitter
that operated with a 3-4 V supply would
have many advantages. This supply
range could be provided by two alka-
line or lead-acid cells, three NiCd or
NiMH cells or a single lithium-ion cell.
Using fewer cells in series means fewer
problems with battery packs and
greater useable power in a smaller
package, correct? I would rather use two
big cells than 8 or 10 little ones to ob-
tain the same amount of power. Cell
phones and cordless phones work this
way; why not ham rigs?

2. A receiver that could run on
3-4 V. In a QEX article or letter a while
back, someone mentioned this idea,
pointing out that headphones only re-
quire millivolts to sound loud, so there
is no need for a supply voltage higher
than about 3 Vdc. I eagerly awaited a
follow-up on this idea, but it did not
appear. The battery pack advantages
are the same as for the transmitter.

3. Similar to, but not close enough
to one published in QST recently—is
a Morse code practice system using a
PIC, which could be loaded with text
from a PC using a serial or USB con-
nection. I would really appreciate hav-
ing a pocket-sized device that could
download a text file and play it back
as Morse code through headphones
with a variable speed selection. I know
that the development of such a tool is
almost trivial today, but I am not the
one to do this. I have read that plain
text is the best means of gaining speed
in CW reception, and there is an abun-
dance of text available via PCs. I could
even use this device to listen to articles
or other text of interest while driving
a car or something, just like listening
to the radio or books on tape, only in
CW! I am surprised that no one has
created such a thing. MFJ would prob-
ably buy the rights in a heartbeat.
How about it, folks?

I truly enjoy QEX; keep up the great
work!

Thank you and 73—Scott Rowe,
KB8HTM; sjrowe@msu.edu



Shipping and Handling Information
In the  US, add the following amounts to your order to cover shipping and handling
(S/H). Add an additional $5.00 to the rate for shipment outside the US. US orders will
be handled via ground delivery service. International Air and other speciality forward-
ing methods are available. Please call or write for information. Sales Tax is required
for shipments to CT 6% (including S/H), VA 5% (excluding S/H), CA (add applicable
tax, excluding S/H). Canadian Provinces NS, NB and NF add 15% HST, all other
Provinces add 7% GST (excluding shipping/handling).

Amount of Order        Add Amount Add
$10.00 or less $6.00 40.01 - 50.00 10.00

10.01 - 20.00 7.00 50.01 - 75.00 11.00
20.01 - 30.00 8.00 Over $75.00 12.00
30.01 - 40.00 9.00 CD ROM only 6.00

We accept the following major credit cards: American Express, MasterCard, Visa and Discover. Prices and
product availability are subject to change without notice.

If you would like a complete publications listing or would like to
place an order, please contact us:

1. To order or obtain the address of an ARRL Dealer near  
you, call toll-free (US) 1-888-277-5289
(Outside the US call 860 594 0355) 8am - 8pm
Eastern time, Monday - Friday.

2.  Fax 1-860-594-0303 24 hours a day, 7 days a week.

3. By mail to: ARRL, 225 Main St, Newington CT 06111 -1494

4. Visit our World Wide Web site: http://www.arrl.org/shop

Antenna Topics
This book is a chronological collection of
cuttings of Pat's words over the years.
Hundreds of areas and subjects are
covered and many a good idea is
included. Carefully indexed this book is
not only a great reference work but also a
history of over forty years of antenna
design. At 384 pages this book is
excellent value and asset to any amateur
interested in antennas.
ARRL Order No. 8963  $34.95
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Backyard Antennas
This book covers end-fed and centre-fed
antennas, rotary beams, loops, tuning units,
VHF/UHF antennas, antenna and mast
construction, transmission lines, and how to
estimate and measure the performance of
your antenna.
ARRL Order No. RBYA $34.95

Sale $29.95 Save $5

QRP Basics
Do you want a new challenge? Have you
ever wanted to try QRP? Do you want to
improve your QRP station? Do you want to
build a working transmitter or receiver?
QRP Basics will help you do all of these
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Microwave Projects
Microwave Projects is aimed at those
who are interested in building equipment
for the amateur radio microwave bands.
Packed full of ideas from around the
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hand" the book also covers useful theory
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assess ionospheric, propagation,
tropospheric propagation, meteor
scatter, and space communications.
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and high-gain transmitting arrays.
Includes new insights and new
design techniques for receiving
antennas and vertical arrays.
“John is one of the most recognizable figures on the DX scene.
He has spent more than 1,500 hours rewriting and updating
ON4UN’s Low-Band DXing, known far and wide as the ‘low-bander’s
bible.’”—R. Dean Straw, N6BV, Editor

CD-ROM included! This edition is bundled with the fully searchable
and complete book on CD-ROM for Windows® and Macintosh® systems.
(Also contains additional ON4UN software and over 2000 quality pictures.)

Shipping and Handling charges apply.
Sales Tax is required for orders shipped
to CA, CT, VA, and Canada.

Prices and product availability are
subject to change without notice.

ARRL Order No. 9140—$39.95*
*shipping: $9 US (ground)/ $14 International


